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REPRESENTATIONS OF
TWO-PORT NETWORKS

1.1 INTRODUCTION

In order to characterize the behavior of a two-port network, measured data of
both its transfer and impedance functions must be obtained. At low fre-
quencies, the z, y, h, or ABCD parameters are examples of network functions
used in the description of two-port networks. These parameters cannot be
measured accurately at higher frequencies because the required short- and
open-circuit tests are difficult to achieve over a broadband range of microwave
frequencies.

A set of parameters that is very useful in the microwave range are the
scattering parameters (S parameters). These parameters are defined in terms of
traveling waves and completely characterize the behavior of two-port net-
works at microwave frequencies.

In the 1970s the popularity of S parameters mcreased because of the
appearance of new network analyzers, which performed S-parameter measure-
ments with ease. The S parameters are simple to use in analysis, and flow
graph theory is directly applicable. Although the principal use of S parameters
in this text is in the characterization of two-port networks, they can also be
used in the characterization of n-port networks.

1.2 THE IMPEDANCE, ADMITTANCE, HYBRID,
AND ABCD MATRICES

At low frequencies the two-port network shown in Fig. 1.2.1 can be repre-
sented in several ways. The most common representations are the impedance
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o o Figure. 1.2.1 Two-port network repre-
Port 1 Port 2 sentation.

matrix (z parameters), the admittance matrix (y parameters), the hybrid matrix
(h parameters), and the chain or ABCD matrix (chain or ABCD parameters).
These parameters are defined as follows:

z Parameters:
Uy =211l + 21212
Uy = Zp1l) + 22213

or in matrix form
y Parameters:

h Parameters:

HEN
R

The previous two-port representations are very useful at low frequencies

because the parameters are readily measured using short- and open-circuit
tests at the terminals of the two-port network. For example,

ABCD Parameters:

is measured with an ac open circuit at port 2 (i.e., i, = 0).

The z, y, and ABCD parameters are also useful in the computer analysis
of circuits. When two-port networks are connected in series, as shown in Fig.
1.2.2, we can find the overall z parameters by adding the individual z parame-
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Figure 1.2.2 Series connection using z parameters and a typical application.
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When two-port networks are connected in shunt, as shown in Fig. 1.2.3,
we can find the overall y parameters by adding the individual y parameters,

namely
[ix] — [“{ + ig:l — [Y‘;x + ylil Vi + .V'iz:”ivx]
i i + i3 Yo+ Y5 Va2 + Vi ]lv:

When cascading two-port networks the chain or ABCD matrix can be
used as follows (see Fig. 1.2.4):

vl__v‘}__A"B" v“z—A‘BﬂAbBb Ug
[il]—[i‘;]‘—[@‘ D“][-i;]“[c« D‘][C" D”:l[_ig:] (1.2.1)

because 13 =1} and —i% = i}. The relation (1.2.1) shows that the overall
ABCD matrix is equal to the product (i.e., matrix multiplication) of the indi-
vidual ABCD matrices.

ters, namely

Na )
i i3 N, i iy W T n ~=
—_ — —— —— —_— | ] +
o a o O—t |
Y11 Yi2
+ + + i ! v,
i ) V2 ::: > v _ ! : B
O~ Y2 Y’n 0O O L e _—; -0
b
ib P T e N S S
L L |
%1 Y?z i R }
! |
vho oo YR b -

Figure 1.2.3 Shunt connection using y parameters and a typical application.
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Figure 1.24 Cascade connegtion using ABCD parameters and a typical appli-
cation.

At microwave frequencies the z, y, h, or ABCD parameters are very
difficult (if not impossible) to measure. The reason is that short and open
circuits to ac signals are difficult to implement over a broadband, at micro-
wave frequencies. Also, an active two-port (e.g., a microwave transistor) might
oscillate under short- or open-circuit conditions. Therefqre, a new repre-
sentation of the two-port network at microwave frequencies is needed. The
appropriate representation is called the scattering matrix and the scattering
parameters are defined in terms of traveling waves.

1.3 TRAVELING WAVES AND TRANSMISSION-
LINE CONCEPTS

The voltage and current along a transmission line are functions of position
and time. For sinusoidal excitation, the instantaneous voltage and current can
be expressed in the form

u(x, t) = Re [V(x)e’*']
and
i(x, t) = Re [I(x)e’"]

where Re means the real part. The complex quantities V(x) and I(x) are
phasors and express the variations of the voltage and current as a function of
position along the transmission line. The polar forms of a complex number re®
and r| 8 are both used in this book.

The differential equations satisfied by the phasors V(x) and I(x) along a
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uniform transmission line are (see Problem 1.1)

d*v
I ) v = | (1.3.1)
and
d?1 |
dx(f) —yI)=0 ~ (13.2)

where the complex propagation constant y is given by
y=a+jB = /(R + joLXG + jwC)

The attenuation constant « is given in nepers per meter and the propagation
constant B in radians per meter. The parameters R, G, L, and C are the
resistance, conductance, inductance, and capacitance per unit length of the
transmission line. They are assumed to be constant along the transmission line
(i.e., the transmission line is uniform).

The general solutions of (1.3.1) and (1.3. 2) are

V(x) = Ae™"* + Be™ (1.3.3)
and |
A B K
=g 7 e — ¥ 34
I(x) Z e Z e (1.3.4)
where

7 - R + joL
° VG +jaC

is known as the complex characteristic impedance of the transmission line. The
constants 4 and B are, in general, complex quantities.

Equations (1.3.3) and (1.3.4) represent the voltage and current along the
transmission line as a pair of waves traveling in opposite directions, with phase
velocity v, = w/p and decreasing in amplitude according to e¢™** or e**. The
wave e - e **e 4> is called the incident wave (outgoing wave) and the
wave e’* = e**e/#* is called the reflected wave (incoming wave). The quantity fix
is known as the electrical length of the line.

A transmission line of characteristic impedance Z, terminated in a load
Z, is shown in Fig. 1.3.1. The reflection coefficient I'(x) is defined as

Be™* B

== ¢ = [ e (1.3.5)

Fe) = Ae ™™ A

where I, is the load reflection coefficient, namely

= r(o)=-§-
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ZN (X)
————— _ﬁ
Ae™™
Be™*
e 2
————— QI o o
i 5
x=—L x=0 Figure 13.1 Transmission line termi-
d=1L d=0 nated in the load Z, .

Therefore, the reflected wave can be written as AI'ge”” and (1.3.3) and (1.3.4)
can be expressed in the form

V(x) = Ale™"™ + Ty e™) (13.6)

I(x) = —g— (e” ™ — Toe™)

The input impedance of the transmission line at any position x is defined

as
V(x) e +Tge"”
VA =——=2 1.3.7
lN(x) I(x) o e—yx _ 1—-0 e-yx ( )
where the constant Iy can be evaluated using the condition
Zn0) =2,
Then
1+1,
Z, =2,
L 1-T,
or
ZL — Zo
Ip= Z, 1 Z, (1.3.8)

Equation (1.3.8) shows that I', = 0 when Z, = Z,. That is, there is no reflec-
tion in a properly terminated or matched (ie, Z, = Z,) transmission line.
Substituting (1.3.8) into (1.3.7) and letting x = —d gives

Z, + Z, tanh yd
Znd)=2Z J
wd) = Z, Z, + Z, tanh yd

(1.3.9)

/

The change x = —d is normally done in transmission-line problems in order
to measure positive distances as one moves from the load toward the source.
At microwave frequencies R and G are usually negligible and the trans-
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mission line is said to be lossless. In a lossless transmission line

=0

y=jB

f=w/LC
1

v, =

p

A

TN
h
G

V(x) = Ae #* 4+ Be/**
A B
10 = 2 g=ibx _ 2 it
(x) Z, e Z el

and

Observe that Z, is real. Also, from (1.3.9) the input impedance in a lossless
transmission line can be expressed in the form
Z, +jZ, tan fd
=2Z
Znld) = 2, Z,+ jZ, tan fpd

(1.3.10)

Unless otherwise specified, all transmission lines in this book are as-
sumed to be lossless and uniform.

The two waves traveling in opposite directions in a transmission line
produce a standing-wave pattern. From (1.3.6), the maximum value of the
voltage along the line has the value

\ IV(x)Imax=lAI(1+lr0')
and the minimum value of the voltage is
V() min = 1 41(1 = T [)

These values are used to define the voltage standing-wave ratio (VSWR),
namely

lV(x)lmax = 1 + 'ro‘
'V(x)lmin 1_|r0|

VSWR = (1.3.11)

or

T l__VSWR—l
o' VSWR + 1
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In a properly terminated or matched transmission line we obtain from
(1.3.8), (1.3.10), and (1.3.11) that 'y = 0, Zy((d) = Z,, and VSWR = 1.

In a shotted transmission line (Z, =0) it follows that 'y = —1,
VSWR = o0, and the input impedance, called Z,.(d), is given by

Z,(d) = jZ, tan pd

In an open-circuited transmission line (Z, = o) it follows that I'y = 1,
VSWR = oo, and the input impedance, called Z,(d), is given by

Zoc d) = —jzo cot ﬁd

Another important case is the quarter-wave transmission line (also
known as the quarter-wave transformer). With d = 1/4, (1.3.10) gives

A4S |
—-l=== 3.12
Zm(4) > (13.12)

Equation (1.3.12) shows that in order to transform a real impedance Z, to
another real impedance given by Z,\(4/4), a line with characteristic impedance

2= J2u(3)e

can be used.

1.4 THE SCATTERING MATRIX
AND THE CHAIN SCATTERING MATRIX

Introducing the notation

Vx)= Ae ¥
and

V= (x) = Be™

where y = jp for a lossless transmission line, we can write (1.3.3) and (1.3.4) in
the form

V(x)=V*(x)+ V() (1.4.1)

and

V*(x) _ V= (x)

Z 2 (14.2)

I)=1"(x)—1"(x) =

Also, the reflection coefficient between the incident and reflected wave can be
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/

written as
VYV ()
I'(x) = V%) (14.3)
where I'y = I'(0) = ¥V ~(0)/V *(0) is the load refiection coefficient.
Introducing the normalized notation
)
wx) = N
i(x) = \/Z, I(x)
AL
R
and
_ V~(x)
R
we can write (1.4.1), (1.4.2), and (1.4.3) in the form
nx) = a(x) + b(x)
i(x) = a(x) — b(x)
and
b(x) = I'(x)a(x) | (14.9)

If instead of a one-port transmission line we have the two-port network
shown in Fig. 1.4.1 with incident wave a, and reflected wave b, at port 1, and
incident wave a, and reflected wave b, at port 2, we can generalize (1.4.4) and
write

by, = S;1a; + 8124,
and

b, = S;8, + 8324,

Input port Output port
O——— -0
i a1 ——— 32

Two-port
network

e pengd b1 e b2

flo Wl SN .
{ 4 Figure 14.1 Incident and reflected

Port 1 Port 2 waves in a two-port network.

—T
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bx] [Su S12] [ax] "
= . 14.5)
[bz Sx1 Sa2dla (

Observe that a,, a,, b;, and b, are values of the incident and reflected waves
at the specific locations denoted as port 1 and port 2 in Fig. 1.4.1. The term
S,,a, represents the contribution to the reflected wave b, due to the incident
wave a, at port 1. Similarly, S,, a, represents the contribution to the reflected
wave b, due to the incident wave a, at port 2, and so on. The parameters §,,,
S, Sa;, and S,,, which represent reflection and transmission coefficients, are
called the scattering parameters of the two-port network. The matrix

| Su SIZ]
L5] [321 S22

is called the scattering matrix.
The S parameters are seen to represent reflection or transmission coef-
ficients. From (1.4.5), they are defined as follows:

or in matrix form,

S - b, (input reflection coefficient with
8 e, =0 output properly terminated)
S b, (forward transmission coefficient
2 aay=0 with output properly terminated)
S = b, (output reflection coefficient
227 Gy lar=0 with input properly terminated)
S b, (reverse transmission coefficient
127 a, a1 =0 with input properly terminated)

The advantage of using S parameters is clear from their definitions. They
are measured using a matched termination (i.e., making a, = 0 or a, = 0). For
example, to measure S,, we measure the ratio b,/a, at the input port with the
output port properly terminated, that is, with a, = 0. Terminating the output
port with an impedance equal to the characteristic impedance of the transmis-
sion line produces a, = 0, because a traveling wave incident on the load will
be totally absorbed and no energy will be returned to the output port. This
situation is illustrated in Fig. 1.4.2.

Observe that the network output impedance Z,,; does not have to be
matched to Z,,. In fact, it is rare that Zoyr = Z,,, but with Z, = Z,, the
condition a, = 0 is satisfied. Similar considerations apply to measurements at
the input port. Also, the characteristic impedances of the transmission lines are
- usually identical (i.e., Z,, = Z,,).

~ Using matched resistive terminations to measure the S parameters of a
transistor has the advantage that the transistor does not oscillate. In contrast,
if we were to use a short- or open-circuit test, the transistor could become
unstable.
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Sy = B Z
11 -
: 2, az =0 ouT -4—-—32 =0
[0 /
- a<| bz -
Two-port
Zo1 network Zo2 2= 2o
—a— b, l
. O el
Port 1 Port 2

Figure 1.4.2 Procedure for measuring S,;. The characteristic impedances of the
transmission lines are Z,, and Z,,.

The chain scattering parameters, also called the scattering transfer parame-
ters or T parameters, are used when cascading networks. They are defined in
such a way that the input waves a; and b, in Fig. 1.4.1 are the dependent
variables and the output waves a, and b, are the independent variables. That

18,
a, T,, le] [bz] '
= 1.4.6
[bl] [TZI T;, || a2 ( )

The relationship between the S and T parameters can be developed from
(1.4.5) and (1.4.6), namely

- Sm
[Tll le] - S21 SZl (147)
T,, T, S g SuSa
| S, T Sy |
and
[ Ty, T yive
S, S T, 2T
[11 12]= 11 11 . (148)
S21 S22 _1__ ___7:1_2
| T T, |

The T parameters are useful in the analysis of cascade connections of
two-port networks. Figure 1.4.3 shows that the output waves of the first net-
work are identical to the input waves of the second network, namely

]- 5]

ay — [T'n T?z] —_—— [T?z Tﬁz} — b

oo LTh T2 o ™ TS o

Figure 1.43 Cascade connection of two-port networks.

R I R O R R R =™
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Therefore, the chain scattering matrix of the cascade connection can be written
in terms of the individual chain scattering matrix as follows:

. _— R
a | _ 11 Tiz2 || b2
a a
| by | LT 22 11 92|
[~ 7] ra b I s 7
a | _ Ty, Tia || b
2 b b ’
| 01 _T21 Tzz__ | 4>

and

a 11 12 T'h T?z] [blz]
_ : 149
[bx] [T‘ix ‘52] [Tgx ng a, ( )

Equation (1.4.9) is useful in the analysis and design of microwave amplifiers
using computer-aided design techniques.

1.5 SHIFTING REFERENCE PLANES

In practice we often need to attach transmission lines to the two-port network.
Since the S parameters are measured using traveling waves, we need to specify
the positions where the measurements are made. The positions are called
reference planes. For example, in Fig. 1.5.1 we can measure the S parameters at
the reference planes located at port 1’ and port 2’ and relate them to the §
parameters at port 1 and port 2 of the two-port network.

At the reference planes at port 1 and port 2 in Fig. 1.5.1, we write the

scattering matrix as
b1:| [:Su sz][al]
= 1.5.1
[bz S21 S22l a; ( )

and at port 1’ and port 2’ as
ba] [ 11 'u] [a’l]
=1 b , 1.5.2
[bz L9221 22 11 a2 ( )

. /-—/Rgference pla&zs\
)‘91/"‘311 e \ 6, =m
L t"—_’—ﬂ

‘M‘"‘ —g——
a, — a, — ~—a, ~T— 2
i } Two-port : }
| network ,
b’1 —— b, 4—-}-——- —-}-D- b, -—-{—» b,
{ | | | ,
Port 1’ Port 1 Port 2 Port 2
xy=0 Xy =1 Xy = Iy Xy =0

Figure 1.5.1 Model for shifting reference planes.
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The angles 0, and 6, are the electrical lengths of the transmission lines be-
tween the primed and unprimed reference planes. ,

From our knowledge of traveling waves on a lossless transmission line
we can write

bl = blleial
a, = aje
bz = blzejaz

and
a, = aye %

where the factor e*# accounts for the phase difference of the waves at the
different reference planes. Substituting the previous relations into (1.5.1) gives

by | _ S,e 20§, e IO+ g, s
by | T | S, e 0460 5 gmi20n d, (1.5.3)
Comparing (1.5.3) with (1.5.2) gives the relations
’ ’ S e"‘jzal S e"rf(91+92)
11 12 11 12
[ 3 '22] = [Sue—j(ol +02) g gmi202 ] (1.5.4)
and
Siv Siz Sye2 S, 00
S,. Syy || S0t s, e | (1.5.5)

Equations (1.5.4) and (1.5.5) provide the relationship between S parameters at
two sets of reference planes.

1.6 PROPERTIES OF SCATTERING PARAMETERS

Consider the two-port network shown in Fig. 1.6.1, where the transmission
lines are assumed to be lossless and the characteristic impedances are real.
This is the typical situation at microwave frequencies where 50- transmission
lines and S0-Q terminations are commonly used. From (1.4.1) and (1.4.2) the

I, !

|-<————-—————>’{ P__.__z_____.»l
e~ )
T rt
Z°1 Vj (X1) n:to\;%?'k V2 (Xz) zoz
e e Ay s
Port 1’ Port 1 Port 2 Port 2'
x,=0 Xy = I Xy =1y X, =0

Figure 1.6.1 Two-port network.
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voltages and currents in the two-port network can be written as
Vilx) = Vif(x) + Vi(x) (1.6.1)
and '

Viix) _ Vix)
Zoi Zoi

where i = 1 or 2, and the voltages and currents are assumed to be scaled to

root-mean-square (rms) values.
From (1.6.1) and (1.6.2) we can express the normalized incident and

reflected voltages at the ith port in the form

V ¥(x. :
a;(x;) = : ;xl) =Zyl i+(xi) =

ot ot

(1.6.2)

Lix) = I (x) — I7 (x) =

Vilx) + Z,; Ii(x)]  (1.6.3)

and

bixd = LoD /7 () = — e (V) — ZiLix)] (16.4)

N 2./Z,

The average power associated with the incident waves on the primed ith port
(e, at x;, = 0and x, = 0)is

+ 2
P =LOL 4 0ar0) = 1001 (165)
and the average reflected power is
- 2
P =2 _ b 0pro) = 10002 (166)

ot

Since the line is lossless [i.e., P}(0) = P;(l) and P7(0) = P; (1)}, (1.6.5) and
(1.6.6) show that the quantities | a,(x)|? and | b;(x)|* represent the power associ-
ated with the incident and reflected waves, respectively.

Now consider the network in Fig. 1.6.2, in which port 1’ is excited by the
generator E, |0° V rms having impedance Z,,, and port 2’ is terminated in its

1 Z, F—i—q
)
+ e and —p— ( ) (+
I1 (O) 31 (x) TWO'pOft a2 X 12 0) ‘;
(o] ' " z
E, (O v, 0 bilx) network bylx) v (0) 3 02

Port 1’ : Port 1 Port 2 : Port 2'

=0 fot xy=1 X2 = I 02 ;=0

Figure 1.6.2 Two-port network excited by the generator E, |0° V rms with internal
impedance Z,; and terminated in the impedance Z,, .
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normalizing impedance Z,, (i.e., matched impedance). Again, we point out that
in practice Z,, and Z,, are pure resistors (usually 50 Q). Since port 2 is
terminated in its normalizing impedance, we can write

V2(0) = —Z,, 15(0) (1.6.7)

and from (1.6.3) it follows that a,(0) = 0.
At x, = 0, we have

Vi(0) = E, — Z,,1,(0) (1.6.8)
Substituting (1.6.8) into (1.6.3) gives
E,

a,(0) = ——
1(0) N
or
|E, |?
2 _
la,(0)|° = iz, (1.6.9)

Equation (1.6.9) shows that |a,(0)|* represents the power available from the
source E, with internal resistance Z,,. We call this quantity P,vys. Since the
line is lossless (|a,(0)|? = |a,(I,)]?) |a,(0)|* represents the power available at
port 1. The power available from the source E, is independent of the input
impedance of the two-port network.

Substituting (1.6.8) into (1.6.9) gives

a0 = BaEL _ 4O + Zo, LONVIO) + Zo, 1,0
: - 4Zol B 4201

1
T4z,

+ 23 11,(01] (1.6.10)

[IVi0)1* + Z,, I, (0VTO) + Z,, Vi(0)[1(0)

Similarly, from (1.6.4) we obtain

2 =
6O = 75—

[ VA0 2 — Zoy 1, OV Q) — Zo, IHOWV(0) + Z2,11,(0) 1]
(1.6.11)
Subtracting (1.6.11) from (1.6.10) gives
|a;(0)1* — |b,(0)|> = 3[1,(0)V}(0) + IT(O)V1(0)]
= Re [1,(0)V1(0)]

which represents the power delivered to port 1', or to port 1 since the line is
lossless. We call this quantity P, [ie., P; = |a;(0)|> — | b,(0)[*]. Therefore, it
follows that

15,(0)> = Pavs — P, (1.6.12)
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The quantity | b,(0) |* represents the reflected power from port 1 or port 1.
From (1.6.7) and (1.6.4) we obtain

by(0) = —+/Z,2 I5(0)
Therefore,
16200)|* = Z,, | 1,(0)|?

represents the power delivered to the load Z,,, called P, [ie., Py = | b,(0)12].

Equations (1.6.9) and (1.6.12) show that the generator sends the available
power | a,(0) |? toward the input port 1. This power is independent of the input
impedance Z,. If the input impedance Z, is matched to the transmission line
(ie., if Z, = Z,,), then the reflected power is zero. However, if Z, # Z,,, part
of the incident power |a,(0)|? is reflected back to the generator. The reflected
power is given by |b;(0)|* and the net power delivered to port 1 is la,(0)]® —
1b,(0)1%.

In order to calculate the S parameters of the two-port network at the
unprimed reference plane (i.e., at ports 1 and 2) we replace the network in Fig.
1.6.2 by the equivalent network shown in Fig. 1.6.3. The equivalent network
was obtained by finding the Thévenin’s equivalent at ports 1 and 2. The
Thévenin’s voltage is called E, 1y.

z. L 1, ()

o

——
—O-
+
Two-port
network Vo) S Lo
o
Port 1 Port 2
Xy =1 Xy = 1y

Figure 1.6.3 Two-port network with Thévenin’s equivalent at ports 1 and 2.

The scattering parameter S,, is given by

by(ly) Vi)
S =——= = —— 1.6.13
H ay(ly) ay(l,) =0 vid,) Vi) =0 ( )
which from (1.3.8) it can be expressed as
Z,—Z
S, =21 1.6.14
w=F g (16,14

Equation (1.6.13) or (1.6.14) shows that S, is the reflection coefficient of port 1
with port 2 terminated in its normalizing impedance Z,, (i.c., a; = 0).
If we consider the quantity | S,, |* we find from (1.6.9) and (1.6.12) that

_|b1(11)‘2 ___PAVS'“Pl

151,17 =
H |a1(ll)|2 ayly) =0 Pavs

(1.6.15)
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Equation (1.6.15) shows that | S,, | represents the ratio of the power reflected
from port 1 to the power available at port 1. If | S;, | > 1, the power reflected
is larger than the power available at port 1. Therefore, in this case port 1 acts
as a source of power and oscillations can occur.

The evaluation of S,, is as follows:

s, b _YZalit)
ay(ly) ay(ly) = 0 Z,, If () ;U =0
= 2/ Ze2 1) (1.6.16)
Z, I7(y) 1;U) =0

because I,(I,) = —I5(l;) [i-e, a,(l,) = 15 (I,) = 0]. Since

) = 55"
and

Vally) = —Z,, 1,(13)
we can write (1.6.16) in the form |

Si = 2/Zy, Villy) (1.6.17)

Z,, Evn

Equation (1.6.17) shows that S,, represents a forward voltage transmission
coefficient from port 1 to port 2.

The analysis of | S,, |* gives

2, _ | 1()1PZ,,
1S4 1 E, i P/AZ,, (1.6.18)

Equation (1.6.18) shows that | S,, |* represents the ratio of the power delivered
to the load Z,, (i.e., P;) to the power available from the source (i.e., P,vs)- The
ratio P, /P ,vs is known as the transducer power gain.

If we analyze the network shown in Fig. 1.6.4 in which the excitation
E,|0° V rms is placed in port 2, and port 1’ is terminated in its normalizing
impedance Z,,, we find that

b,(l,) Z,=25
S.. = 2" %a 1.6.19)
22 a2 |ayan=0 Z2+ Z,2 (
and '
S - bl(ll) — 2‘\/ Zoz Vl(ll)
' as(l,) a1(l1)=0 vV Z, E;mu

where E, ¢y is the Thévenin’s voltage at port 2. Equation (1.6.19) shows that
S5, is the reflection coefficient of port 2 with port 1 terminated in its normal-
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Z,

%o Zo hetwork
Port 1’ Port 1 Port 2 Port 2'
x; =0 Xy =1 Xy =1, x; =0

Figure 1.64 Two-port network excited by the generator E,|0° V rms with internal
impedance Z,, and terminated in the impedance Z,,.

izing impedance Z,, (i.e., a; = 0), and S,, represents a reverse voltage trans-
mission coefficient from port 2 to port 1.

The quantity | S,, |* represents the ratio of the power reflected from port
2 to the power available at port 2. If | S,,| > 1, the power reflected is larger
than the power available at port 2 and oscillation can occur. The quantity
| S,, |? represents a reverse transducer power gain. In fact,

IS , '2 — lll(ll)'zzol
' |E;xul?/4Z,,

Example 1.6.1
Evaluate the S parameters of a series impedance Z and a shunt admittance Y.
Solution. The two-port network of a series impedance is shown in Fig. 1.6.5a, and the

network excited by a source and terminated in its normalizing impedance Z, is shown
in Fig. 1.6.5b.

Z
Z Zo T Z
(o -0
—_— —
+ 3 Lo b, +
E, £0° Z, V,
- b,
—— a9 = 0 -
O O - —O—
(a) (b)

Figure 1.6.5 Two-port network of a series impedance Z.

From (1.6.14) we find that

where Z, = Z + Z,. Therefore,
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Since
E,Z
V = 1“0
2T Zz+422Z,
we find from (1.6.17) that
2Z
S =0
2742z,

From symmetry, we observe that S,, = §,; and §;; = §,,.
The two-port network of a shunt admittance is shown in Fig. 1.6.6a, and the
terminated network is shown in Fig. 1.6.6b. In this case

z
T —0
T 1+2,Y
and from (1.6.14)
S _ ZT - Zo _ ""Zo Y
nTz.o+Z, 2+42ZY
Since
2724 2Z,Y
we obtain from (1.6.17)
2
S2=3 +2Z,Y

Again, from symmetry we observe that S,, = §;; and §;; = S,,.

(a) (b)

- Figure 1.6.6 Two-port network of a shunt admittance Y.

1.7. GENERALIZED SCATTERING PARAMETERS

The typical situation that occurs at microwave frequencies, where 50-Q trans-
mission lines and 50-Q terminations are commonly used to measure the §
parameters of a two-port network, was analyzed in the preceding section. In
this section we consider the case of the n-port network shown in Fig. 1.7.1. The
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n-port
network

Figure 1.7.1 An n-port network.

generators E;|0° and the impedances Z,; represent the Thévenin equivalent
circuits seen by the ith ports. The impedances Z,; (also called normalizing
impedances) are assumed to have a positive real part.

In the n-port network the normalized incident and reflected waves are
defined as

[a] = $[R;;*U(V] + [Z, L1 (L7.1)
and
[b] = 3[R, *U[V] - [Z,,:0*([1]) (1.7.2)
where | |
"Z,, 0 - 0]
za=| & %2 7
0 0 - Z,
and
[ (Re Z,,)"'7? 0 0 R
e .
i 0 S (ReZ,;',,)"”z_

[a], [b], [V], and [I] are column matrices.
The definitions (1.7.1) and (1.7.2) are generalizations of (1.6.3) and (1.6.4).
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In fact, at port 1 we can write

a, =4R, 1V, + Z,,1,) (1.7.3)
and
by =4R, 1AV, — Z3,1,) (1.7.4)

and the relation between V] and I, is

Vi=E, - 2,,I, (1.7.5)
Substituting (1.7.5) into (1.7.3) gives
a, Ey
2R,
or
la, |2 = ﬁ“lz | (1.7.6)

which is recognized as the power available from E, at port 1. Also, from (1.7.3)
and (1.7.4) we obtain

la > —1b,1* = Vi + Z,, )XV + 23,17)
4Ro 1
1
— i = Z0IXVE = Z,,0Y)
0,1
= Re (V*1,) | (1.7.7)

which is recognized as the power delivered to port 1.

Equations (1.7.4), (1.7.6), and (1.7.7) show that the generator E, sends the
available power |a,|?> toward port 1. When port 1 is matched [ie., when
Z, = V,/l, =(Z,,)*] the power |a,|* is completely absorbed by Z,. When
port 1 is not matched, the power absorbed by thc port 1 is |a,|* —|b,|%
where | b, |? is the reflected power.

Solving (1.7.1) and (1.7.2) for [V] and [I] results in

(Vl1=[v*'1+[V~]
(N=0"1-0"1]
where
v*1=I[Z3 "]
(v-1=1[1Z,,1l"]
[a] = [R7Z1[I7]
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and
[b] = [RFIU7]
The generalized scattering matrix of the n-port network is defined as

[b] = [S][d] (1.7.8)

The definition (1.7.8) of the scattering matrix shows that different nor-
malizing impedances Z,; produce different values of the generalized scattering
parameters. Therefore, the generalized scattering parameters ‘are defined in
terms of specific normalizing impedances. If the normalizing impedances are
pure resistances, the results in Section 1.6 for the two-port network follow.

From (1.7.8), the elements of [S] are given by

b;
Sy=-
Qilax=0,k#i(k=0,1,....n)
and
s _b
ki =
Qilay=0.k#i(k=0,1,...,n)

S,; is recognized as the input reflection coefficient at port 1 with all other
ports matched (i.e., a, = 0 when V, = —Z, ; I, k # i). Observing that

Vi=Z2;1;
then from the ith equation in (1.7.1) and (1.7.2), we obtain
b; Vi-Z31i  Z,—Z3;

. =— = ==
“ U Glg=oksi Vit Zoli Zi+Z,;

ak =

| The quantity | S,;|? can be shown to be the transducer power gain from
port i to port k with q, = 0, k # i.

1.8 TWO-PORT NETWORK PARAMETERS CONVERSIONS

At a given frequency a two-port network can be described in terms of several
parameters. Therefore, it is desirable to have relations to convert from one set
of parameters to another. For example, the z parameters of a two-port net-
work are defined by

(vl=_[z11] (1.8.1)
where
—— —vl
(vl= va]

(] = —‘F]
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and
2y, 2
[Z] — [ 11 12]
231 232 .
In terms of incident and reflected waves, we obtain from (1.8.1)
VI1+ IV 1=[z20U1-[17)D)
or

((z1 + [Z. D7) = ([z] - [Z, ][]
where Z, 1s assumed to be real and
Z, O
e[ ]
Therefore, the scattering matrix [i.e, (1.7.8)] in terms of z parameters is given
by | ‘ | _

(1 = g =[] + [2.) ") - [2.) (182)
and solving for [z], we obtain |
(2] = [Z,)[1] + [S](1] - [S) ™! (1.8.3)

where [1] is the unit diagonal matrix. Equations (1.8.2) and (1.8.3) give the
conversion relations between the S and z parameters. These conversions, as
well as others among the z, y, h, ABCD, and S parameters, are tabulated in
Fig. 1.8.1.

1.9 SCATTERING PARAMETERS OF TRANSISTORS

The S parameters of microwave transistors are usually available for the tran-
sistor in chip and packaged form. Transistors in chip form are used when the
best performance in gain, bandwidth, and noise is desired. Packaged tran-
sistors are very popular because they come in sealed enclosures and are easy to
work with. The parasitic elements introduced by the package produce a degra-
dation in the transistor ac performance.

Manufacturers usually measure and provide common-emitter or com-
mon-source S parameters of transistors as a function of frequency at a given
dc bias. Since the minimum noise figure, linear output power, and maximum
gain require different dc bias settings, the manufacturers usually provide two
or three sets of S parameters. :

Conversions from common-emitter to common-base S parameters can be
done using the conversion relations in Fig. 1.8.1. For example, to convert from
common-emitter to common-base S parameters, we first convert the common-
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Conversion Between Common-Base, Common-Enmitter, and Common-Collector y Parameters

Vir,e=Yir.o + Yiz.0 + V21,0 + V22,6 = V11.c
Viz.e = =12, 0 + V22.8) = — 11, + 12.0)
Var,e= =25 + V22,80 = —U11.e + Y21,0)
V22.¢ = Ya2.6 = Vir.c + Viz,e ¥ V21, + Yaz.c

Vies =Virie t Yiz.e T V21,6t Y22, = Vaz2.c
Vizs = —12.e + Y22, = —021,c + ¥22.0)
Yar.0= —(2,e + Yaz.dd = —(12.c + Ya2,0)
Ya2.6 = Vaz.e = Vir,c + Yiz.e T Va1 + Va2.e

Yite =Vir.e=Yirp ¥ Yizo t V21,6 F Vaze
Yie = —011.et Y1z, = =irs + Var.e)
Yar,e = — Oy, + Yai.d = =Wirs + Yi2.0)
Vaz.e = YVit,e T Yizoe t V21,6t V22,6 = Viron

(b)

Figure 1.8.1 (a) Conversions among the z, y, h, ABCD, and S parameters; (b)
conversions between y parameters.

emitter S parameters to common-emitter y parameters, then convert the
common-emitter y parameters to common-base y parameters, and then con-
vert the common-base y parameters to common-base S parameters.

The frequency characteristics of a network can be represented as a con-
tinuous impedance or reflection coefficient plot in the Smith chart (see Sec-
tions 2.2 and 2.3). For example, the series RC network shown in Fig. 1.9.1a has
the impedance or reflection coefficient plot shown in Fig. 1.9.1b. As the fre-
quency increases, the capacitive reactance decreases, and the impedance plot
moves clockwise along a constant-resistance circle.

R=250Q
o —AM—
C=3.183pF ==
]
c~
Z 19
o = g5 <05~ I

(a) (b)

Figure 1.9.1 Frequency response of a series RC network.
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A typical plot of §,, for a transistor in the common-emitter configur-
ation is shown in Fig. 1.9.2. The plot of S, is given for the transistor in chip
form and in packaged form. The bias conditions are also shown. It is observed
that S,, for this transistor in chip form follows a constant-resistance circle,
with a capacitive reactance at the lower frequencies and an inductive reactance
at the higher frequencies. The equivalent circuit for this transistor in chip form
which exhibits the behavior of S,, is shown in Fig. 1.9.3a. The resistance R
represents the base-to-emitter resistance plus any contact resistance. The ca-
pacitance C is due to the junction capacitance from base to emitter. The
inductance L is due to the reflection properties of a transistor where the
emitter resistance, when h,(w) is complex, produces an inductive reactance
across the base-to-emitter terminals.

Z Smith chart

Ve =10V
I. =25mA
fin GHz

Figure 1.9.2 S,, of a common-emitter transistor in chip and packaged form.

The equivalent circuit for the transistor in packaged form is shown in
Fig. 1.9.3b. In this case, the package inductance (L,,,) and the package capaci-
tance (C,,,) contribute to the reflection coefficient variations at the higher
frequencies.

v r
R L R Lowg

]l
11
O
o
0
k-]
4
41

O <
lsﬂ SH

{a) (b)

Figure 1.9.3 (a) Input equivalent circuit for a transistor in chip form; (b) input
equivalent circuit for a packaged transistor.
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Y Smith chart

Vee =10V
I. =25mA
fin GHz

Figure 194 S,, of a common-emitter transistor in chip and packaged form.

A typical S,, plot for a chip and packaged transistor in the common-
emitter configuration is shown in Fig. 1.9.4. For this transistor the chip
characteristic follows a constant conductance curve (i.., a shunt RC equivalent

network).

/I~
Packaged
device

)

270°

Figure 1.9.5 §,, of a common-emitter
transistor in chip and packaged form.
(From Ref. [1.1]; courtesy of Hewlett-
Packard.)

mc

1.V, =15V
2. 1= 15mA

270°

Figure 19.6 S,, of a common-emitter
transistor in chip and packaged form.
(From Ref. [1.1]; courtesy of Hewlett-
Packard.)

The forward and reverse transmission coefficients S,, and S;, are usually
given in a polar plot as shown in Figs. 1.9.5 and 1.9.6.

The parameter |S,,| is constant for frequencies below the beta cutoff
frequency (i.e., fz) and then decays at 6 dB/octave. The transducer cutoff fre-
quency (f) is the frequency where |S,, | is equal to 1. The parameter |S,,|
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Frequency

Figure 1.9.7 Frequency behavior of |S,, |, |Sn| and |§,,S,,|. (From Ref. {1.1];
courtesy of Hewlett-Packard.)

increases at approximately 6 dB/octave, levels off around f,, and decays at
higher frequencies. A typical Bode plot of |S,,|, |S;,], and the product
|$,28,,]1s shown in Fig. 1.9.7.

The common-emitter S parameters of a transistor are shown in Fig. 1.9.8.
This figure illustrates some of the information typically provided by manufac-
turers.

A transistor can be considered to be a three-port device as shown in Fig.

1.9.9. In this case the scattering matrix, also called the indefinite scattering
matrix, is

b, S11 Si2 Si;3 a;
by | = S21 S22 81 a (1.9.1)
b, S31 S3; Si; as

(11

The name “indefinite scattering matrix” is used because no definite
choice is made to ground a particular port. The meaning of S,, in (1.9.1) is

Sll ='b""1_ . (1.9.2)
1

a=0,a3=0

That is, to measure §,, reference resistances of 50 Q are used at ports 2 and 3.
In a two-port common-emitter configuration, S,, is measured with the emitter
grounded. Therefore, the value of §,, in (1.9.2) will be different from the value
of §;, in a two-port common-emitter configuration. Similarly, the parameter
S12, S21, and S5, in (1.9.1) will be different from the S,,, S,,, and S,, in a
two-port common-emitter configuration.



MRF962 COMMON-EMITTER S-PARA&RS

INPUT/QUTPUT REFLECTION
COEFFICIENTS versus FREQUENCY
(Veg =10V, ic =50 mA)

FORWARD/REVERSE TRANSMISSION
COEFFICIENTS versus FREQUENCY
(Ve = 10V, ic =50 mA)

Vce ic t S11 $21 $12 S22
{Volts} | (mA) {MHz) 1S11! Lo 1S21! Lo 12! L 1S22! Lo

5.0 10 100 0.70 . =102 17.42 128 0.044 43 065 ~57
300 0.75 -156 .1 98 0.058 24 0.32 -97

500 0.78 -170 436 86 0.064 25 0.26 -110

700 0.78 =178 3.16 77 0.071 26 0.23 -117

1000 0.78 176 2.26 67 0.078 27 0.24 -126

1500 0.79 167 1.51 54 0.092 29 0.31 -133

25 100 0.69 -131 24.24 118 0.029 38 056 -87

300 0.77 -167 8.76 95 0.039 32 035 -137

500 0.79 -176 5.26 85 0.046 36 032 -150

700 0.80 178 382 78 0.055 40 0.31 ~-158

1000 0.79 173 2.72 70 0.067 42 0.32 -164

1500 0.81 164 1.82 59 0.086 42 0.34 -167

50 100 0.71 -147 21.72 113 0.021 37 053 -107

300 0.78 -173 9.59 94 0.030 40 0.41 -152

500 0.81 179 5.72 85 0.038 46 0.39 -163

700 081 176 4.09 78 0.048 50 0.38 ~169

1000 0.81 171 2.89 2 0.061 51 0.38 -175

1500 082 1863 1.96 62 0.082 49 0.40 -177

10 10 100 0.71 -92 18.77 131 0.037 47 0.70 -44
300 0.74 -150 8.09 100 0.051 28 0.34 -69

500 0.75 -166 5.01 87 0.056 28 0.27 -75

700 0.76 -174 362 78 0.064 28 0.24 -79

1000 0.78 179 2.58 69 0.071 30 0.24 -88

1500 0.77 168 1.72 55 0.085 31 0.31 -104

25 100 067 -120 27.10 122 0.027 42 057 -68

300 0.73 -163 10.27 97 0.035 36 027 -110

500 0.76 -174 8.21 86 0,043 39 022 -124

700 0.77 -179 448 78 0.051 41 0.20 -132

1000 0.77 178 3.19 71 0.062 43 0.20 -139

1500 0.78 166 213 59 0.080 42 025 -142

50 100 0.68 -137 31.53 118 0.020 37 0.49 -85

300 0.74 -169 11.17 95 0.028 40 027 -131

500 0.77 -177 6.69 85 0.037 46 0.24 ~144

700 0.77 178 482 78 0.047 48 0.23 ~-152

1000 0.77 173 342 71 0.059 50 023 -158

1600 0.79 165 2.30 81 0.078 47 027 -169

Figure 1.9.8 S-parameter data for the Motorola MRF962 transistor. (From Motorola RF
Data Manual; reproduced with permission of Motorola, Inc.)
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-0
e
— a8,
8
e 33
b
—— 3 — . .
b, T b, Figure 1.9.9 A transistor as a three-port
o ¢ ©  network.

1.10 CHARACTERISTICS OF MICROWAVE TRANSISTORS

Most microwave bipolar junction transistors (BJTs) are planar in form and
made from silicon in the npn type. Their dimensions are very small to permit
operation at microwave frequencies. For example, the base thickness is of the
order of a tenth of a micron.

rb'c
""""
4 bl Cb'c
B o—— AW iy oc
+ +
\
Vee Mo'e =C, l<> Fee v
§ e ce
9m Ve
EO OE

Figure 1.10.1 Hybrid-n model of a common-emitter BJT.

The equivalent hybrid-n model of the intrinsic BJT is shown in Fig.
1.10.1. In the microwave range, the reactance of C,. is very small in compari-
son to the resistance of r,., and the resistor r., is very large. Also, the reac-
tance of C,,, is usually smaller than the resistance r,,.. Therefore, the simplified
model shown in Fig. 1.10.2 follows.

Figure 1.10.2 Simplified hybrid-n model of a microwave BJT in the common-
emitter configuration.
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In the actual (or extrinsic) microwave transistor, additional parasitic
resistances, inductances, and capacitances appear (as well as other distributed
elements) and must be included in the model. One such model is shown in Fig.
1.10.3. The meaning of the parasitic elements R,, L,, L., L., C,,, and C,, is
self-explanatory.

Ly Moo’ Corc L.
B O—t — | 000 - ocC
Tb'e = Cb e i Om Vo'e
=G, —-—C
-'1 ce
RG
L.

e

Figure 1.10.3 A microwave BJT common-emitter model that includes parasitics.

There are two figures of merit that are commonly used by manufacturers
of microwave BJTs to describe the transistor performance. These are:

1. fy: the gain-bandwidth frequency. It is the frequency where the short-
circuit gain | h ()| approximates unity.

2. f....: the maximum frequency of oscillation. It is the frequency where the
maximum available power gain of the transistor (called G, ,,,) is equal
to 1.

G 4 max and f., can be measured by conjugately matching the source
impedance to the transistor input impedance, and the load to the transistor
output impedance. Of course, the transistor must be unconditionally stable
(i.e., no oscillations). G, ., is higher than the transducer gain |S,, 1% be-
cause of the matching conditions. These concepts are discussed in detail in
Chapter 3.

The frequency dependence of h,(w) is given by

h
_—de
O =T il

where h;, is the low-frequency short-circuit current gain and f; is the beta
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cutoff frequency, namely
281y (Cye + Cyl) 277y, Cye

The frequencies fr and f,,,, for the intrinsic BJT model, shown in Fig.
1.10.2, are given by

T

o~ Im
fr ~ 37C, (1.10.1)
and
_ [t 1.10.2
fm“ - Snrb'e Cb’c ( o )
Also, f; and fr are related by
f3 = Jr ' (1.10.3)
h,

The frequency fr can also be expressed in terms of the total signal time
delay from emitter to collector as [1.2]

1

2nt,,

fr=

where 7, is the emitter-to-collector time delay, namely
Tee ® Ty + Te

The parameter 1, represents the base delay time and 7. the base-to-collector
depletion-layer delay time.

~ Figure 1.10.4 illustrates the meaning of f, f;, and f,,,,. Observe the gain
rolloff at the rate of 6 dB/octave.

A
GA, max

1S5 12

I he ! 2

Gain

.
-

fs fr £, £ f

Figure 1.104 Frequency characteristics of G, ... |S;,|*and |k, |2
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Two sources of noise in a microwave BJT are thermal noise and shot
noise. Thermal noise is caused by the thermal agitation of the carriers in the
ohmic resistance of the emitter, base, and collector. Shot noise is a current
dependent effect caused by fluctuations in the electron and hole currents due
to bias conditions.

The gallium arsenide (GaAs) field-effect transistors (FETs) are commonly
made in the metal semiconductor field-effect transistor structure (MESFET).
That is, the gate terminal is constructed using a Schottky barrier gate. How-
ever, the other FET structures, such as the junction field-effect transistor
(JFET), the metal-oxide semiconductor field-effect transistor (MOSFET), and
the insulated-gate field-effect transistor (IGFET), have also been used.

The microwave FETs are made with GaAs because the electron mobility
is greater than that of silicon. The high electron mobility results in excellent
frequency response and noise performance, especially above 4 GHz.

The high-frequency model of the intrinsic GaAs FET in a common-
source configuration is shown in Fig. 1.10.5. The capacitor C, represents the
gate-to-source capacitance and the resistor r; is the small gate-to-source
channel resistance. An extrinsic GaAs FET high-frequency model which in-
cludes parasitic elements is shown in Fig. 1.10.6. The meaning of the parasitic
elements R,, R,, Ry, L,, Ly, and Lyis self-explanatory.

ng
Go ]} —oO0D
+ +_L +
Vi C;
-1g , i
Vs ‘ 9m " Fas T Cas Vds
so . | l os

C,>> Cyq

Figure 1.10.5 GaAs FET high-frequency model for the common-source configur-
ation. '

When the GaAs FET is unconditionally stable in the frequency range of
interest, the feedback capacitance is very small and can be neglected. That is,
there is no reverse transmission from the output to the input port of the
transistor and the transistor becomes unilateral (ie., Sy, = 0). The simplified
unilateral high-frequency model for the intrinsic GaAs FET is shown in Fig.
1.10.7.

The short length of the gate determines the frequency response of the
GaAs FET. For the model shown in Fig. 1.10.7, the frequencies fr and f,,,, are
given by :

_ Gm
fr=5, c (1.10.4)
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G W } MMW— 000 —O D
-+
v C

Figure 1.10.6 A microwave GaAs FET common-source model that includes para-
sitic elements. '

and

_r [ras 1.10.5
fmax - 2 r; ( )

Since f7 is limited by the electron transit time (t.) through the channel, f;
can be expressed in the form [1.2]

1
Jr= 27T,
where
L
T, = —
US

Here L is the gate length and v, is the electron saturation drift velocity.
Another expression for f,, , found experimentally, is [1.2]

33 x 103
fmax = L
5
G O———AA—— ’ -O D
+ +
+ |
i r Cds Vds

Figure 1.10.7 Simplified unilateral high-frequency model for a common-source
GaAs FET.
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The intrinsic noise sources in a GaAs FET are the thermal-generated
channel noise and the induced noise at the gate. The induced noise at the gate
is produced by the channel noise voltage. The extrinsic noise sources (see Fig.
1.10.6) are associated with the resistances R, and R, and the gate bonding pad
resistance. In addition, the GaAs FET exhibits intervalley scattering noise
produced by scattering of electrons between energy bands.

PROBLEMS

1.1. A section Ax of a uniform transmission line is shown in Fig. P1.1.
(a) Using Kirchhoff’s voltage and current laws, show that as Ax— 0

ov(x, t) _ di(x, 1)
— = Ri(x, t) + L
ox i, 1) + ot
and |
Oi(x, t ovn(x, ¢
L5 Gy gy 4 ¢ 2
0x ot
i{x, t) R Ax L Ax i{x + Ax, t)
O AMA—— 090 ———— - o
+ L +
v(x, t) G Ax CAx wvix+ Ax, t)
o , I o Figure P1.1
(b) Show that v(x, t) and i(x, t) satisfy the equations
o%v(x, t *v(x, t ov(x, t
w00y e 8060 | ret 16) 25D L Rwx,
Ox ot ot
and
d%i(x, t) d%i(x, t) di(x, 1)
= I —— + (RC + LG) —— + RGi
P P + (RC + LG) o + RGi(x, t)

(¢) Assuming a sinusoidal excitation, show that the phasors V(x) and I(x) satisfy
(1.3.1) and (1.3.2), respectively.

(d) Verify the general solution for V(x) and I(x) in (1.3.3) and (1.3.4).

(e) Show that in a lossless transmission line the voltage V(x) satisfies

d*v(x)
—z tFVx=0
where § = w./LC. Write the general solution for V(x).
1.2. Verify the equations for Z\(d) in (1.3.9) and (1.3.10).

1.3. Verify the S- and T-parameter conversions given in (1.4.7) and (1.4.8).



Chap. 1 Pr@ms ‘ , 37

1.4. (a) Find the ABCD matrix of the series impedance Z and shunt admittance Y of
Example 1.6.1.
(b) Use Fig. 1.8.1 to convert the ABCD parameters obtained in part (a) to S
parameters. Compare the answers with the results in Example 1.6.1.
1.5. Find the scattering matrix and the chain scattering matrix of a transmission line
of length ! and characteristic impedance Z, .
1.6. Find the scattering matrix and the chain scattering matrix of
(a) A short-circuited shunt stub of length ! and characteristic impedance Z, .
(b) An open-circuited shunt stub of length [ and characteristic impedance Z, .
1.7. Find the S parameters of the 1-to-n turns ratio transformer shown in Fig. P1.7 at
ports 1-2 and 1'-2".

Oereetn 1:n — -0
o = 5082 ? g Z, =508
e, ——- emmm— -0
1 1 2 2'  Figure P1.7

1.8. Show that the overall S,, parameter of two cascade two-port networks with
scattering matrices [S ] and [Sg], respectively, is given by

S, = S21,4521.8

" 1—53,, 4518

1.9. In the two-port network shown in Fig. P1.9:

(a) Find Z(0).

(b) Find a,(0), b,(0), a,(4/8), b,(4/8), and a,(0).

(c) Evaluate V,(0), V(4/8), I,(0), and I,(4/8).

(d) Evaluate the average input power at x, = 0 and the average input power at
x, = A/8.

(e) Show that P,(0) = P,(4/8).

(f) Evaluate S,,(0) and S,,(4/8).

(g) Find the electrical length and the length in centimeters of the A/8 transmission
line at f = 1 GHz.

Z, = 50 + j50
A
500 te—8—]
—AWA S
. L
a, (x) T rt
_ _ WO-po -
E, —10Lg°<«, Z, =508 b 2, =509 50
b, (x)
. ,
D s
X, =0 X, = N8 x,=0

Figure P1.9
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1.10. (a) Find the value of the source impedance that results in maximum power
delivered to the load in Fig. P1.10. Evaluate the maximum power delivered to
the load.

(b) Using the value of Z, from part (a), find the Thévenin’s equivalent circuit at
the load end and evaluate the power delivered to the load.

E, =10,0° Z, =508 Z, =50+j50Q

d=32 Figure P1.10

14.11. Show that in the n-port network of Fig. 1.7.1, the transducer power gain from
port i to port k, | Si;|%, is given by
- Re (Zo,k)llk‘z - P,
'Ei|2/4Rc z,) (P avshi

| Siil®

where (P,vys); is the maximum available power at port i and P, is the power
delivered to Z, 4 -

1.12. In Fig. 1.8.1, verify the conversions between
(a) z and y parameters
(b) z and ABCD parameters

1.13. (a) Show that
[5]= —([y]1+ [Y,) 'yl — (%D
and

[y] = (Y211 — [SH1] + [SD) ™

Y, 0
ma-[5 3]

(b) Verify the conversion between S and y parameters in Fig. 1.8.1.

1.14. In the network shown in Fig. P1.14, the S parameters of the BJT and the value of
L are known. Explain how the overall S parameters of the two-port can be
calculated.

where

—0

o— d _o Figure P1.14
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1.15.

1.16.

1.17.

1.18.

1.19.

1.20.

The common-emitter S-parameters of a GaAs FET at f = 10 GHz are

S,, = 0.73| —128°
S,, = L73]73°
S,, = 0.045[114°
Sy, =075 =52°

Determine the common-base and common-collector S-parameters.

Find equivalent circuits that exhibit the S,, characteristics (chip and packaged

form) shown in Fig. 1.94.

(a) Derive the equations for fr, f,.., and f;, for a BJT, given in (1.10.1), (1.10.2),
and (1.10.3).

(b) Derive the equations for f; and f,,, for a GaAs FET, given in (1.10.4) and
(1.10.5).

Show that for equal reference resistance (Z,, = Z,;), the scattering matrix in

(1.4.5) can be written in the form

Vi=SuV{+S8,V;
Vi =58uV{+8,V;

and
I7 =817 + 8,15
I3 = Syuly + 8315
Show that in the indefinite scattering matrix given in (1.9.1), the sum of the

coefficient of any row is equal to 1 and the sum of the coefficient of any column is
equal to 1.

Hint: Since (1.9.1) is valid for any values of a,, a,, and a;, consider the case
where a, = a; = 0 as shown in Fig. P1.19a. Then b; = §,,a;, b, = §,,a,, and
by = S,,a,, and at P we can write

If =17 +17 +135
Therefore, it follows that
Sll +S21 +S31 = 1

The circuit shown in Fig. P1.19b can be used to show that the sum of the
coefficients in any row is equal to 1.

Show that the generalized scattering parameters for a two-port network in terms
of arbitrary source (Z,) and load (Z,) impedances are given by |

, _ AT =TS0 =T+ T, 81555,

11 A, D

. _ A3 S,[1— I,
12 Az D
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_ A} S, [1 - T 1%

’

21 "Z D
, AT (1 —T,85,,K8,, — T + IS4, S,
22 =

A, D

where

D = [(1 - F,Sn)(l - FLSZZ) = F FLSI2S21]
s - L

_2,-2, Z,-2,
ST Z.+2Z,) t~z, +2z,

The S parameters are normalized to a real Z,.

Note: This is a difficult problem that involves some matrix manipulations to obtain
[S] as a function of [S]. :
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MATCHING NETWORKS
AND SIGNAL FLOW
GRAPHS

2.1 INTRODUCTION

The analysis of transmission-line problems and of matching circuits at micro-
wave frequencies can be cumbersome in analytical form. The Smith chart
provides a very useful graphical aid to the analysis of these problems. The
Smith chart is basically a plot of all passive impedances in a reflection coef-
ficient chart of unit radius. The reading accuracy from the Smith chart is
sufficient for most practical microwave transistor amplifier design problems.

Matching circuits that provide optimum performance in a microwave
amplifier can be easily and quickly designed using the normalized impedance
and admittance Smith chart. The Smith chart is also used to present the
frequency dependence of scattering parameters and other amplifier character-
1stics. ;

The characteristics of microstrip transmission lines are presented in this
chapter. The mode of propagation in a microstrip line is assumed to be quasi-
transverse electromagnetic. Although radiation losses in a microstrip line can
be severe, the use of a thin material, having a high dielectric constant, between
the top strip conductor and the ground plane of a microstrip line reduces the
radiation losses to a minimum.

Microstrip lines find extensive use as passive circuit elements and as a
medium in which the complete microwave amplifier can be built. The inter-
connection features of the microstrip line are unsurpassed. Transistors in chip
or packaged form can be easily attached to the strip conductors of the micro-
strip line. Some practical circuit construction techniques using microstrips are
presented.
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The description of two-port networks in terms of S parameters permits
the use of signal flow graph in the analysis of microwave transistor amplifiers.

2.2 THE SMITH CHART

The Smith chart is the representation in the reflection coefficient plane, called
the I' plane, of the relation

Z-2Z,
Z+Z,
for all values of Z, such that Re [Z] = 0. Z, is the characteristic impedance of

the transmission line or a reference impedance value. Defining the normalized
impedance z as z = Z/Z,, we can write (2.2.1) in the form

= 2.2.1)

z—1

I =
z+1

(2.2.2)

Figure 2.2.1 illustrates the properties of the transformation (2.2.2) for
some values of z. For example if Z=50Q and Z,=50 Q, then z=1 and
I" = 0. That is, the point z = 1 in the normalized z plane maps into the origin
of the I' plane. Next, we consider the mapping of normalized impedances
having constant real and imaginary parts. For example, for z =1 + jx the
corresponding values of I' will be shown to lie in a circle of radius 1/2,
centered at U = 1/2, V =0. Also, for z=r +jl1 (r 2 0) it follows that the

corresponding values of I' lie in a circle of radius 1, centered at U =1, V = 1.
All passive impedances, that is, impedances having r > 0 map inside the unit
circle (i.e. |T'| < 1) in the T plane. Observe that the imaginary axis (i.e., r = 0)
maps into the unit circle, |I'| = 1.

The transformation (2.2.2) can be analyzed in general as follows. Let

(r—1)+jx

C=U+jV=
TV S EE ) +x

Then rationalize and separate the real and imaginary parts to obtain

rr—1+4x?
T+ 1)? + X2 22.3)
and
2x
T+ 1)+ X2 (224

Eliminating x from (2.2.3) and (2.2.4) results in

2 2
U-———) +V2= 1
r+1 r+1
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Vi
X Pt !
0|os |1 3 v U
P 1
b i
Constant resistance lines I’ plane

in the z = r + jx plane

Constant reactance lines
{for r =0}
in thez =r + jx plane

Figure 2.2.1 Development of the Smith chart.

which is the equation of a family of circles centered at U =r/(r + 1), V=0
with radii 1/(r + 1). The circles for r = 0, 0.5, 1, and 3 are shown in Fig. 2.2.1.
Eliminating r from (2.2.3) and (2.2.4) results in

, 1 (1)?
-3 ()

which is the equation of a family of circles centered at U = 1, V = 1/x, with
radii 1/x. The circles for x = —3, —1, —0.5,0, 1, 0.5, and 3 (with r 2> 0) are
shown in Fig. 2.2.1.

There is a one-to-one correspondence between points in the z plane and
points in the I' plane. The plot of the constant-resistance and constant-
reactance circles in a graph is known as the Smith chart. The Smith chart is
shown in Fig. 2.2.2. Observe that the upper half of the chart represents nor-
malized impedances having a positive reactance (ie., +jx), and the lower half
represents negative reactances (i.e., —jx). The distance around the chart is 4/2.
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DWG. NO.
OATE

NAME TITLE

SMITH CHART FORM 82-BSPR (3661 KAY ELECTRIC COMPANY, PINE BROOK,.N.J, ©1966. PRINTED IN USA.
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Figure 2.2.2 The Smith chart. (Reproduced with permission of Kay Electric Co.,
Pine Brook, N.J.)
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Figure 2.2.3 (a) Values of z in the Z Smith chart; (b) values of y in the Y Smith
chart.

\

" The Smith chart can also be used as an admittance chart. The appropri-
ate transformation in this case is
r-r-1
y+1
where the normalized admittance is y = Y/Y,. Y, is the characteristic admit-
tance of the transmission line or a reference admittance value.

In the admittance chart, since y =g + jb, the previous constant-
resistance (r) circles become constant-conductance (g) circles and the constant-
reactance (x) circles become constant-susceptance (b) circles. Observe that the
upper half of the chart represents normalized admittances having a positive
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i
HHELT THER
imgsisTance component({fl), on consucTance co!

Va = 0.6 — 0.2 52

(b)
Figure 2.2.3 (continued)

susceptance (i.e., +jb) and the lower half represents negative susceptances (i.e.,
—jb).

When needed for clarity, we will call a Smith chart used as an impedance
chart a “Z Smith chart,” and a Smith chart used as an admittance chart a “Y
Smith chart.”

Example 2.2.1

Locate in the Smith chart the following normalized impedances and admittances:
z, =1 +jl, 2z, =04 +j0.5, z3=3—j3, z, =02 — 0.6, zs =10
y; = 1 4+]jl, y, =04 +j0.5, y; =2 —jl4, ¥4 =05 —j0.2, ys = 0O

Solution. The values of z’s and y’s are shown in Fig. 2.2.3. The Smith chart in Fig.
2.2.3a is obviously used as a Z Smith chart, and that in Fig. 2.2.3b as a Y Smith chart.
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Impedances having a negative real part will have a reflection coefficient
whose magnitude is greater than 1. These impedances, therefore, map outside
the Smith chart. Figure 2.2.4 shows a chart (known as the compressed Smith
chart) that includes the Smith chart (ie., |I'| < 1) plus a portion of the negative
impedance region.

An alternative way of handling negative resistances (ie., |I'| > 1) is to
plot in the Smith chart 1/T'* and take the values of the resistance circles as
being negative and the reactance circles as labeled.

Figure 2.24 The compressed Smith
chart. (From Ref. [1.1]; courtesy of
Hewlett-Packard.)

Example 2.2.2

Find the impedance whose reflection coefficient is 2.236¢ /265¢".

Solution. If we plot in the Smith chart shown in Fig. 2.2.5, the quantity

1 .
- 26.56°
~ = 0.447¢/

the resulting z is —2 + j1. Of course, from (2.2.2),

T2 T L e s
—2+j1 41

The use of the Smith chart in a transmission-line calculation follows
from (1.3.5), (1.3.7), and (1.3.8). For a lossless transmission line, we can con-
veniently write (1.3.5), (1.3.7), and (1.3.8) in the form

z—1
I = e (2.2.5)
I'nd) =1, e~ 12Pd (2.2.6)
1+ I'in(d) 2.2.7)

=TT
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Figure 2.2.5 Negative resistances in the Smith chart.

A typical transmission-line input impedance calculation involves the fol-
lowing steps:

1. Locate I, in the Z Smith chart for a given z = Z, /Z, [i.e., (2.2.5)].

2. Rotate Iy by —2Bd to obtain I'x(d) [ie., (2.2.6)]. Observe that the
rotation is along a vector of constant magnitude, namely || =

| Fin(d) 1.

3. Read the value of the normalized z,y(d) associated with I'y(d) [ie,
(2.2.7)].

Example 2.2.3

Find the input impedance, the reflection coefficient, and the VSWR in a transmission
line having an electrical length of 45°, characteristic impedance of 50 Q, and terminated
inaload Z, = 50 + j50 Q. '

Solution. The transmission line is shown in Fig. 2.2.6a, where z;, = Z,/Z, = 1 +j1
and fd = 2nd/2 = n/4 or d = /8 = 0.1254. In Fig. 2.2.6b the point z; = 1 +jl is lo-
cated and the vector representing I'y drawn. To find Z, we rotate along a constant I’
radius a distance of —90° (i.e., —2Bd). Observe that the Smith chart already has a
wavelength scale. Therefore, if we rotate toward the generator a distance d = 0.1251
along the wavelength scale, it is equivalent to a rotation of —90°. The procedure is
illustrated in Fig. 2.2.6b. That is, at z = 1 + j1, we read the value of 0.1624 from the
wavelength scale; next, we add 0.1251 and rotate along a constant | I’y | radius until we
reach the value of 0.1621 + 0.1251 = 0.2874. At 0.2871 the input impedance is read
directly from the Smith chart as z;y = 2 — j1 or Z;y = 100 — j50 Q.

The magnitude and phase of I, are read as indicated in Fig. 2.2.6b. Observe the
linear scale for the magnitude of the reflection coefficient. The distance from the origin
to z, can be measured with a ruler or compass and superimposed on the linear scale.
The reading of I'y can be done quite accurately, namely I'y = 0.447|63.4°.
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re 2.2.6 Typical transmission-line calculation using the Smith chart.
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Finally, the VSWR can be calculated from (1.3.11) or the distance from the origin
to z; can be measured and superimposed on the VSWR scale. The value obtained is
2.62. It can also be shown that the value of the maximum resistance in the line is
numerically equal to the VSWR. This value is indicated in Fig. 2.2.6b as VSWR =
Fmax = 2.62.

2.3 THE NORMALIZED IMPEDANCE
AND ADMITTANCE SMITH CHART

The conversion of a normalized impedance to a normalized admittance can be
done easily in the Smith chart. Since

L4
1-T
and
1 1-T
YEITI+r

we observe that rotating I' by e/*, namely

_1+Te in 1T

T 1—Tel" 14T

results in the value (1 — I)/(1 + I'), which is identical to the value of the
admittance y.

Example 2.3.1
Find y for z = 1 + j1 using the Smith chart.

A

Solution. The graphical solution is illustrated in Fig. 2.3.1. The value of y is read as
0.5 — j0.5, which of course agrees with

Figure 2.3.1 Conversion of z to y in the
Smith chart.
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NAME TITLE . OWG. NO,
DATE

SMITH CHART FORM ZY-81-N| ANALOG INSTRUMENTS COMPANY, NEW PROVIDENCE, N.J. 07974
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Figure 2.3.2 The normalized impedance and admittance coordinates Smith chart.
‘(Reproduced with permission of Analog Instruments Co., New Providence, N.J.)

The impedance-to-admittance conversion can also be obtained by rotat-
ing the Smith chart by 180° and calling the rotated chart an admittance chart.
The superposition of the original and the rotated chart is known as the normal-
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Figure 2.3.3 Characteristics of some networks in the ZY Smith chart.

ized impedance and admittance coordinates Smith chart. We will refer to this
Smith chart as the “ZY Smith chart.” The ZY Smith chart is shown in Fig.
2.3.2, where the impedance values are shown in red color and the admittance
values in green. (See Figure 2.3.2 on inside cover.)

Observe that the upper half of the chart for the admittance coordinates
(i.e., green curves) represents normalized admittances having negative suscep-
tances (1.e., —jb) and the lower half represents positive susceptances (i.e., +,b).

The impedance coordinates (i.e., red curves) are the same as in the Z Smith
chart.

Example 2.3.2
Find y for z = 1 + jl using the ZY Smith chart.
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Figure 2.3.3 (continued)

Solution.

We can locate in the ZY Smith chart in Fig. 2.3.2 the point z = 1 + j1 (red
curves), and read directly from the green curves the value y = 0.5 — j0.5.

In Section 1.9 some equivalent circuits were obtained from the Smith
chart impedance plot of the S parameters. Some practical equivalent circuits

are shown in Fig. 2.3.3. Some of these circuits can be used to represent equiva-
lent input and output models of transistors.
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2.4 IMPEDANCE MATCHING NETWORKS

The need for matching networks arises because amplifiers, in order to deliver
maximum power to a load, or to perform in a certain desired way, must be
properly terminated at both the input and the output ports. Figure 24.1
illustrates a typical situation in which a transistor, in order to deliver maxi-
mum power to the 50-Q load, must have the terminations Z, and Z,. Al-
though many different types of matching networks can be designed, the eight
ell sections shown in Fig. 2.4.2 are not only simple to design, but quite practi-
cal.

The ZY Smith chart can be used conveniently in the design of matching
networks. The effect of adding a series reactance element to an impedance or a
parallel susceptance element to an admittance, in the ZY Smith chart, is
illustrated in the following example.

Input Output L
+ matching |- Transistor »1 matching E 500
vV ,0° network network S
s L0

Figure 2.4.1 Block diagram of a microwave amplifier.

Example 2.4.1

(a) Hlustrate the effect of adding a series inductor L (z, = j0.8) to an impedance z
(z=0.3 —j0.3)in the ZY Smith chart.

Solution. Figure 2.4.3 shows that the effect of adding a series inductance with z; =;0.8
is to move along a constant-resistance circle from a reactance value of —0.3 to a
reactance of 0.5. In other words, the motion is in a clockwise direction along a
constant-resistance circle.

(b) Illustrate the effect of adding a series capacitor C (z. = —;j0.8) to an impedance z
(z=0.3 —j0.3) in the ZY Smith ¢hart.

Solution. Figure 2.4.4 shows that the effect of adding a series capacitor with Zc =
— j0.8 is to move along a constant-resistance circle from a reactance value of —0.3 to a
reactance of —1.1. In other words, the motion is in a counterclockwise direction along
a constant-resistance circle.
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Figure 2.4.2 Matching networks.

(c) Illustrate the effect of adding a shunt inductor L (y, = —j2.4) to an admittance y
(y = 1.6 + j1.6) in the ZY Smith chart.

Solution. Figure 2.4.5 shows that the effect of adding a shunt inductor with y, =
—j2.4 is to move along a constant-conductance circle from a susceptance of 1.6 to a
susceptance of —0.8. In other words, the motion is in a counterclockwise direction
along a constant-conductance circle.

(d) Nlustrate the effect of adding a shunt capacitor C (y¢c = j3.4) to an admittance y
(y = 1.6 + j1.6) in the ZY Smith chart.
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Figure 2.4.6

Effect of adding a shunt capacitor to an admittance in the ZY Smith
chart.
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Solution. Figure 2.4.6 shows that the effect of adding a shunt capacitor with Yec =Jj3.4
is to move along a constant-conductance circle from a susceptance of 1.6 to a suscep-
tance of 5. In other words, the motion is in a clockwise direction along a constant-
conductance circle.

In conclusion, adding a series reactance produces a motion along a
constant-resistance circle in the ZY Smith chart, and adding shunt susceptance
produces a motion along a constant-conductance circle in the Z Y Smith chart.
The four types of motions are illustrated in Fig. 2.4.7.

Figure 2.4.7 Effect of adding series and shunt elements in the ZY Smith chart.
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Designing a matching network in the ZY Smith chart consists of moving
along a constant-resistance or constant-conductance circle from one value of
impedance or admittance to another. Each motion along a constant-resistance
or constant-conductance circle gives the value of an appropriate element. The
following examples illustrate the use of the ZY Smith chart in the design of
matching networks.

Example 2.4.2

A load Z, oup = 10 +j10 Q is to be matched to a 50-Q line. Design two matching
networks and specify the values of L and C at a frequency of 500 MHz.

Solution. Selecting the series L-shunt C network shown in Fig. 2.4.8a, the matching
network is designed as shown in Fig. 2.4.8b. (See Figure 2.4.8b on inside cover.) The
motion from point A [ie., z oap = (10 + j10)/50 = 0.2 + j0.2] to point B is along a
constant-resistance circle, and we obtain for the inductor impedance z; = j0.4 — j0.2 =
j0.2. Observe that point B is along the unit constant-conductance circle. The admit-
tance at point B is yp = 1 — j2. The motion from point B to point C (i.e., the origin) is
along a constant-conductance circle, and we obtain the capacitor admittance yc =
0 —(—j2) =j2 (or zc = 1/j2 = —j0.5). Therefore, at point C, y\y =z =1 (0r Ziy =
50 Q) and the network is matched to a 50-Q line. At 500 MHz, the value of L is

[ 10
~ 27(500 x 10)

= 3.18 nH

and the value of C is

1
C =
25(27)500 x 10°

= 12.74 pF

The matching network at 500 MHz is shown in Fig. 2.4.8c.

The second matching network is shown in Fig. 2.4.9a and the ZY Smith chart
design in Fig. 2.4.9b. (See Figure 2.4.9b on inside cover.) The motion from 4 to B in
Fig. 2.4.9b is along a constant-resistance circle; therefore, the impedance of the series
capacitor is zo = —j0.4 —j0.2 = — j0.6. The motion from B to C is along a constant-
conductance circle; therefore, the admittance of the shunt inductor is y; =0 —j2 =
—j2 (or z; = 1/—j2 = j0.5). The design at 500 MHz is shown in Fig. 2.4.9c.

Example 2.4.3

Design a matching network to transform a 50-Q load to the admittance Your = (8 —
j12) x 1073 S.

Solution. Figure 2.4.10a illustrates a motion in the ZY Smith chart from the origin
(i.e., Z oap = 50/50 = 1) to your = S0(8 —j12) x 1073 = 0.4 — j0.6. (See Figure 2.4.10a
on inside cover.) The motion from A to B produces a series capacitor having an
impedance of z. = —j1.21. The motion from B to C produces a shunt inductor having
an admittance of y, = —j0.6 —j0.49 = —j1.09 (or z, =1/—j1.09 =j0917). The
matching network is shown in Fig. 2.4.10b.

Sometimes a specific matching network cannot be used to accomplish a
given match. For example, any load impedance falling in the marked region in
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Figure 2.48 Design of a series L~shunt C matching network.
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Figure 2.4.9 Design of a series C—shunt L matching network.
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Figure 2.4.10 Matching a 50-Q load to a given yr using a series C—shunt L
matching network.
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Figure 24.11 Forbidden region in the ZY Smith chart to match a given Z, ,p to
50 Q using a series L-shunt C matching network.
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Fig. 2.4.11a cannot be matched to 50 Q with the network in Fig. 2.4.11b
because adding a series L produces motion, in a clockwise direction, away
from any constant-conductance circle that passes through the origin.

2.5 MICROSTRIP MATCHING NETWORKS

Microstrip lines are used extensively in building microwave transistor ampli-
fiers because they are easily fabricated using printed-circuit techniques. Net-
work interconnections and the placement of lumped and transistor devices are
easily made on its metal surface. The superior performance characteristics of
the microstrip line makes it one of the most important medium of transmis-
sion in microwave transistor amplifiers and in microwave integrated-circuit
technology.

A microstrip line is by definition a transmission line consisting of a strip
conductor and a ground plane separated by a dielectric medium. Figure 2.5.1
illustrates the microstrip geometry. The dielectric material serves as a substrate
and it is sandwiched between the strip conductor and the ground plane. Some
typical dielectric substrates are: Duroid, a trademark of Rogers Corporation
(Chandler, Arizona), (¢ = 2.56¢,), quartz (¢ = 3.78¢,), alumina (¢ = 9.7¢,), and
silicon (¢ = 11.7¢,). The relative dielectric constant of the substrate, ¢,, follows
from ¢ = ¢, ¢&,, where g, = 8.854 x 107'? F/m.

AN

Strip ;
conductor / 7/ i

\\

Dielectric
substrate

Y

Ground plate

(a) (b)

Figure 2.5.1 Microstrip geometry and field configuration. In (b), the solid lines
represent electric field lines and the dashed line represents a magnetic field line.

The electromagnetic field lines in the microstrip are not contained en-
tirely in the substrate. Therefore, the propagating mode in the microstrip is not
a pure transverse electromagnetic mode (TEM mode) but a quasi-TEM. As-
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suming a quasi-TEM mode of propagation in the microstrip line, the phase
velocity is given by

C
T AT

where ¢ is the speed of light (i.e., 3 x 108 m/s) and g, 1s the effective relative
dielectric constant of the dielectric substrate. The effective relative dielectric
constant of the microstrip is related to the relative dielectric constant of the
dielectric substrate, and also takes into account the effect of the external
electromagnetic fields.

The characteristic impedance of the microstrip line is given by

(2.5.1)

Z, = (2.5.2)

1
v, C
where C is the capacitance per unit length of the microstrip. The wavelength in
the microstrip line is given by

S
A NN

where 4, is the free-space wavelength.

As seen from (2.5.1), (2.5.2), and (2.5.3), the evaluation of v,, Z,,and 4 in
a microstrip line requires the evaluation of ., and C. There are different
methods for determining ¢, and C and, of course, closed-form expressions are
of great importance in microstrip-line design. The evaluation of g;r and C
based on a quasi-TEM mode is accurate for design purposes at lower micro-
wave frequencies. However, at higher microwave frequencies the longitudinal
components of the electromagnetic fields are significant and the quasi-TEM
assumption is no longer valid.

A useful set of relations for the characteristic impedance, assuming zero
or negligible thickness of the strip conductor (i.e., t/h < 0.005), are [2.1]:

] (2.5.3)

For Wih< I:
60 h W\
Z, = In (8 o +0.25 —h—) (2.5.4)
Veérr
where

&+1 ¢ —1 h\ 12 w2
=t [(1+12W> +004(1 - (2.5.5)

For W/h > I:

7 - 1207/ /¢, , 256
° W/h+1.393 + 0.667 In (W/h + 1.444) >



Sec. 2.5 w‘mp Matchi‘atworks 69

where

+1 ¢g-—1 h\ 12
oy ==+ (1+12—W) 2.5.7)

Plots of the characteristic impedance, as well as the normalized wave-
length, as a function of W/h are shown in Figs. 2.5.2 and 2.5.3.
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Figure 2.5.2 Characteristic impedance of the microstrip line versus W/h. (From H.
Sobol [2.2]; copyright 1971, IEEE; reproduced with permission of IEEE.)

Based on the results in (2.5.3), (2.5.5), and (2.5.7) and/or in experimental
data, the wavelength in the microstrip line, assuming zero or negligible thick-
ness (i.e., t/h < 0.005) for the strip conductor, is given by the relations [2.3]:

For W/h>06:
A > 12
A= - 5.
\/;;: [1 + 0.63(¢, — 1)(W/h)°"255] (2:5:8)
For W/h<06:

2=20 S " 2.59
/e [1 + 0.6(c, — 1)(W/h)°'°297] (259)
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Figure 2.53 Normalized wavelength of the microstrip line versus W/h. (From H.
Sobol [2.2]; copyright 1971, IEEE; reproduced with permission of IEEE))

For design purposes a set of equations relating Z, and ¢, to the ratio
W/h of the microstrip line is desirable. Assuming zero or negligible thickness
of the strip conductor (i.e., t/h < 0.005), the expressions are [2.2]:

For W/h < 2:
w 8e?
WA (2.5.10)
For W/h > 2:
|24 -1 .61
-—=—2— B-—l—ln(ZB——l)+8' ln(B~—l)+O.39——06
h = 2e, g,
(2.5.11)
where
‘ Z, le,+1 ¢ —1 0.11
A=— [Z - 0.2
60\ 2 +e,+1( 3+ s,)
and




Sec. 2.5 Mi:.’ip Matchin‘works 7

The zero or negligible thickness formulas given in (2.5.4) to (2.5.11) can
be modified to include the thickness of the strip conductor. The first-order
effect of a strip conductor of finite thickness ¢ is to increase the capacitance.
Therefore, an approximate correction is made by replacing the strip width W
by the effective width W_;;. The following relation for W, /h are useful when
t<hand: < W/2:

For W/h > 1/2n:

For Wih < 1/2n:

Wee W 8 4nW
h “h+nh(1+ln " )

The restrictions ¢t < h and t < W/2 are usually satisfied since for dielectric
substrates a typical thickness is t = 0.002 in.

The formulas presented thus far are valid at frequencies where the quasi-
TEM assumption can be made. When the quasi-TEM assumption is not valid,
¢;, and Z, are functions of frequency and, therefore, the microstrip line be-
comes dispersive. The phase velocity of the microstrip line decreases with
increasing frequency. Therefore, ¢,,(f) increases with frequency. Also, the
characteristic impedance of the microstrip line increases with frequency, and it
follows that the effective width W (f) decreases.

The frequency below which dispersion may be neglected is given by

Z,

he, — 1

f,(GHz) = 0.3

where h must be expressed in centimeters.
An analytical expression that shows the effect of dispersion in g;,(f) is

r2.1]

s (f) =8 — i ;(j’;ffp)z (f in GHz)

where

fo=c" (h in cm)
n
and
G = 0.6 + 0.009Z,

Observe that when f, > f, then ¢,,(f) ~ ¢,,. In other words, high-impedance
lines on thin substrates are less dispersive.
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The expression for the dispersion in Z, is [2.1]

377h
Z,(f)=
Weee (f )\/ Err
where
Wee(0) — W
Wee(f) = W ;‘j_( (}/f 7
and
377h

W (0) =
eff() ZO(O) r'——"sff(o)

Another characteristic of the microstrip line is its attenuation. The at-
tenuation constant is a function of the microstrip geometry, the electrical
properties of the dielectric substrate and the conductors, and the frequency.

There are two types of losses in a microstrip line: a dielectric substrate
loss and the ohmic skin loss in the conductors. The losses can be expressed as
a loss per unit length along the microstrip line in terms of the attenuation
factor «. Since the power carried by a wave traveling in the positive direction
in a quasi-TEM mode is given by ‘

1|V
P (Z)___(V+ —azI+ -az) 2' Z I e—zaz
= Pye™ % (25.12)
where P, = | V*|?/2Z  is the power at z = 0. Then, from (2.5.12) we'can write
_ —dP(z)/dz _ I
2Pz 4T

where a, is the dielectric loss factor and o, the conduction loss factor.
A useful set of expressions for calculating o, is [2.1]:

For a dielectric with low losses :

s—1tan o dB
~/sff g, —l Ao cm

where the loss tangent § is given by

o, = 27.3 (2.5.13)

o
tan 6 = —
we

For a dielectric with ¢ # 0:

_ 1/2
ay = 434 —2Lr =1 (-’fﬂ> ; B (2.5.14)

e € — 1) cm
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In (2.5.13) and (2.5.14), ¢ is the conductivity of the dielectric and pu, =
4n x 1077 H/m.
A set of expressions for calculating «, is [2.1]:

For W/h — oo:
8.68
%=z whs
where
R, = Tflo
o

For W/h < 1/2n:

L _B68RP[ h k[ 4nW
“" 2nZ,h Weee Wy t w

Forin < W/h<2:

_ 868R,
© " 2nZ,h

o

PQ

For W/h > 2:

868RSQ ”cff 2 ”cff 2 ”cff ”eff/nh
= —In | 2nel —— 9
%="7h { PR “[ ”?( on T4 h T (W.2h) + 094

where

and

=1+ " + ’ lnzﬁ !
¢= Wee W h)

In dielectric substrates, the dielectric losses are normally smaller than
conductor losses. However, dielectric losses in silicon substrates can be of the
same order or larger than conductor losses.

The quality factor Q of a microstrip line is calculated from

_F
Q_Zoc

where
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and « is the total loss. Therefore,

n
0= o
or in decibels we can write
0= 8.6867 4B
Ax
_73 4B
T« A

where we used the fact that 1 dB = 8.686 nepers.
A microstrip line also has radiation losses. The effect of radiation losses
can be accounted for in terms of the radiation quality factor Q, given by [2.1]

_ Z,
" 480n(h/i)F

Q,

where

F= err(N)+ 1 (p(f) =12 In Ve +1
8fj(f) 2[£ff(f)]2/3 / sff(f)_l

1s known as the radiation factor.
The total Q, called Q, of a microstrip resonator can be expressed as

1 1 N 1 + 1

Or Q. Qi @O
where Q, and Q, are the quality factors of the dielectric (i.e., Q, = n/Aa,) and
conductor (i.e., Q. = n/la,), respectively.

The impedance transforming properties of transmission lines can be used
in the design of matching networks. A microstrip line can be used as a series
transmission line, as an open-circuited stub or as a short-circuited stub. In fact,
a series microstrip line together with a short- or open-circuited shunt stub can
transform a 50-Q resistor into any value of impedance. Also, a quarter-wave
microstrip line can be used to change a 50-Q resistor to any value of resist-
ance. This line, together with a short- or open-circuited shunt stub, can be
used to transform 50 Q to any value of impedance. The following example
illustrates the use of microstrip lines in matching networks.

Example 2.5.1

Design two microstrip matching networks for the amplifier shown in Fig. 2.5.4, whose
reflection coefficients for a good match, in a 50-Q system, are I', = 0.614|160° and
', =0.682[97°.

Solution. Design 1: The amplifier block diagram is shown in Fig. 2.5.4. The normal-
ized impedances and admittances associated with I'; and I'; can be read, to reasonable



Sec. 2.5 Mi.rip Matchin‘tworks 75

50 Q
+
. input Output >
vV, [0 matching [ Transistor » matching S50 %
- network network 7

r, =0.614 /160° r_=0.682 /97°
Yy, =2.8-j1.9 y, =04-j1.05

Figure 2.54 Amplifier block diagram.

accuracy, from the ZY Smith chart, namely

1 1
- —28—j19
Vs = . T 0245 +0.165 /

and
1 1

Y= T 03254083

=04 —j1.05

In order to design the input matching network, we locate y, in the Y Smith chart
shown in Fig. 2.5.5a. The shortest length of microstrip line plus stub is obtained by
using an open-circuited shunt stub of length 0.1594 to move from the origin (i.e., 50 €)
to point 4 on the Smith chart, and then using a transmission line length of 0.0994 to
move from A4 to y;.

Next, we locate y, in Fig. 2.5.5b and follow a similar procedure. In this case, the
shortest length of microstrip line plus stub is obtained by using a short-circuited shunt
stub of length 0.0774 to move from the origin to point B. Then a series transmission
line of length 0.0514 to move from B to y, .

The complete design showing the transistor, the microstrip matching network,
and the dc supply is shown in Fig. 2.5.6. The characteristic impedance of all microstrip
lines is 50 Q.

The capacitors C , are coupling capacitors. Typical values for the chip capacitors
C,, are 200 to 1000 pF, high-Q capacitor. The bypass capacitors Cpg (i.e., chip capaci-
tors, 50 to 500 pF) provide the ac short circuits for the 0.0774 and 4/4 short-circuited
stubs. The A/4 short-circuited stub, high-impedance line (denoted by Z,3>), provides the

“dc path for the base supply voltage Vpp. It also presents an open circuit to the ac signal
at the base of the transistor. The narrowest practical line (i, large Z,) should be used
for the A/4 short-circuited stub to avoid unwanted ac coupling.

To minimize transition interaction between the shunt stubs and the series trans-
mission lines, the shunt stubs are usually balanced along the series transmission line. A
schematic of the amplifier using balanced shunt stubs is shown in Fig. 2.5.7. The
schematic also shows that 50-Q lines were added on both sides of C, to provide a
soldering area.

In Fig. 2.5.7 two parallel shunt stubs must provide the same admittance as the
single stub in Fig. 2.5.6. Therefore, the admittance of each side of the balanced stub
must be equal to half of the total admittance. For example, each side of the input
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Figure 2.5.5 (a) Input matching network design; (b) output matching network
design.

balanced shunt stubs must have an admittance of y = j1.55/2 = j0.775. Using the Smith
chart, we obtain that the length of each side must be 0.1051. Observe that the length of
the shunt stubs in Fig. 2.5.7 is not equal to the total length of the balance stubs in Fig.
2.5.6. Of course, a simple check will show that the admittance seen by the series
transmission line is the same in both cases.

If we use Duroid (¢, = 2.23, h = 0.7874 mm) to build the amplifier, we find from
the results in Section 2.5 that a characteristic impedance of 50 Q is obtained with
W =242 mm and ¢, = 191. The microstrip wavelength in the 50-Q Duroid mi-
crostrip line is A = 14/,/1.91 = 0.72364,, where 1, =30 cm at f=1 GHz. For a
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characteristic impedance of 100 Q in the /4 line, the width must be W = 0.7 mm. The

line lengths in Fig. 2.5.7 are

0.1054 = 2.28 cm
0.0994 = 2.15 cm -
00512 =110 cm
0.1294 = 2.80 cm
/4 =543 cm
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Figure 2.5.6 Complete amplifier schematic. The characteristic impedance of the
microstrip lines is 50 Q. :

Design 2: This method uses microstrip lines with different characteristic im-
pedances. The design requires the transformation of 50 Q to Y, = (2.8 —j1.9)/50 =
0.056 — j0.038 S. A quarter-wave transformer can be used to transform the source
impedance of 50 Q to the resistance 1/0.056 = 17.86 Q. The characteristic impedance of
the quarter-wave transformer is

Z, = /50(17.86) = 29.9 Q

An open-circuited stub provides an admittance of Y. = jY, tan Si. Therefore, an
open-circuited shunt stub of length 31/8, or a short-circuited shunt stub of length /8,
looks like a shunt inductor having the admittance —jY,. Using an open-circuited shunt
stub of length 34/8, we find its characteristic impedance to be Z, = 1/Y, = 1/0.038 =
26.32Q.

Similarly, for the output matching network [Y, = (0.4 — j1.05)/50 = 0.008
— j0.021 S] a quarter-wave line of characteristic impedance

Z,=/50(125) = 79.1 Q@

transforms the 50-Q load to a resistance of value 1/0.008 = 125 Q. An open-circuited
shunt stub of length 34/8 and characteristic impedance Z, = 1/Y, = 1/0.021 = 47.6 Q
produces the required admittance of —j0.021.

The complete amplifier is shown in Fig. 2.5.8a. Figure 2.5.8b shows the amplifier
using balanced shunt stubs of length 34/8 to minimize the microstrip transition interac-
tion. Observe that in the balance stubs the lengths were kept at 31/8, but the character-
istic impedance was doubled so that the parallel combinations produce the required
26.32Q and 47.6 Q.




‘U 0§ st saul duysooiw 9y jo souepadwt
onsuRORIBYD Y] 'sqnis junys paouefeq Juisn onewosyos Jayidwe dwo) L'g7 andiy

mm> -
0
e o]
o> mou_m
o044 Tu! =
- M = 89
_T“_- g .w_\ N,
505 . = Vv , / A

X6CL0
\S0L°0
-+

Yo wvos

X150°0 \660°0

AL TARY)
X501°0




80 : Matching Networks ‘ignai Flow ‘hs Chap. 2

79.1Q

1 s
G ©
o L - S
i &
&
O Vg
(a)
o
3
3 |2 S
< N 500
s00 22 Ca 08540 | 8
—wWW—t  $+—] |
N G o o
<t ~ o
© & o
<'\'> Vs S A o 50Q
d Cq :
VBB > VCC

(b)

Figure 2.5.8 Matching network design using microstrip lines with different charac-
teristic impedances.

2.6 SIGNAL FLOW GRAPH

A signal flow graph is a convenient technique to represent and analyze the
transmission and reflection of waves in a microwave amplifier. Once the signal
flow graph is developed, relations between the variables can be obtained using
Mason’s rule. The flow graph technique permits expressions, such as power
gains and voltage gains of complex microwave amplifiers, to be easily derived.
Certain rules are followed in constructing a signal flow graph:

1. Each variable is designated as a node.
2. The S parameters and reflection coefficients are represented by branches.
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3. Branches enter dependent variable nodes and emanate from independent
variable nodes. The independent variable nodes are the incident waves
and the reflected waves are dependent variable nodes.

4. A node is equal to the sum of the branches entering it.

The signal flow graph of the S parameters of a two-port network is
shown in Fig. 2.6.1. Observe that b, and b, are the dependent nodes and a,
and a, the independent nodes. The complete signal flow graph of the two-port
network is shown in Fig. 2.6.2.

al a‘ 821 bz
o o >
SnY S
O - —0
b, Sz & a, o
Figure 2.6.1 Signal flow graph for the
by = Sy,a, + S8, b, = S,a, + Spa, scattering parameter equations.

The signal flow graph in Fig. 2.6.2 shows the relationship between the
traveling waves. The incident wave a, at port 1 gets partly transmitted (ie.,
S,,4,) to become part of b,, and partly reflected (ic., S;,a,) to become part of
b,. Similarly, the incident wave a, at port 2 gets partly transmitted (i.e., S,, a,)
to become part of b, and partly reflected (i.e., S,, a,) to become part of b,.

In order to obtain the signal flow graph of a microwave amplifier we
need to obtain the signal flow graph of a signal generator with some internal
impedance, and the signal flow graph of a load impedance.

< _ Figure\i.&z Signal flow graph of a two-

— an— — e

b, Si, a, port network.

Figure 2.6.3a shows a voltage-source generator with impedance Z;. At
the terminals we can write

V,=E+1,2, 2.6.1)

Using (1.4.1) and (1.4.2), we can express (2.6.1) in terms of traveling waves,
namely )
- vy v;
vV, +V, =E,+(—Z’:——Zi-)zs
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I,
n—-——‘—o
+ + —-—3a,
E, /0° C'\D Ve
- I
‘o
(a) (b)

Figure 2.6.3 Signal flow graph of a voltage-source generator.

Solving for ¥, we obtain

bg =b, + T a, (2.6.2)
where
+
v
E./Z
b - S 0
O Z,+ 2,
and
Z.— 2
= s 0
P Z.+ Z,

From (2.6.2) the signal flow graph in Fig. 2.6.3b follows.
For the load impedance shown in Fig. 2.6.4a we can write

VL =ZLIL

In terms of traveling waves, we obtain

Vi+ VL =ZL(I;Z— l;':)
or
by=T_a, (2.6.3)
where
b, = Ve

N

+

Vi

RS
I
N
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Ve Z ry
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(a) (b)

Figure 2.6.4 Signal flow graph of a load impedance.

and
_ZL—2,
T Z,+Z,

“The signal flow graph follows from (2.6.3) and it is shown in Fig. 2.6.4b.

We can now combine the signal flow graph for the two-port network in
Fig. 2.6.2 with the signal flow graphs of the signal generator (i.e., Fig. 2.6.3b)
and the load (ie., Fig. 2.6.4b). Observe that the nodes b,, a,, b, , and g, are
identical to a,, b,, a,, and b,, respectively. The resulting signal flow graph of a
microwave amplifier is shown in Fig. 2.6.5.

I

b, 1 a, Sy b,
C" . o ®.
rs SH 522 FL
b, Sy, a,

Figure 2.6.5 Signal flow graph of a mi-
crowave amplifier.

To determine the ratio or transfer function T of a dependent to an
independent variable, we apply Mason’s rule, namely

CP[1=Y LW 4+ Y LM — -]+ Pyl - Y )P + SR
) -y L)+ Y LA - L LB+

where the different terms are defined as follows.

The terms P,, P,, and so on, are the different paths connecting the
dependent and independent variables whose transfer function T is to be deter-
mined. A path is defined as a set of consecutive, codirectional branches along
which no node is encountered more than once as we move in the graph from
the independent to the dependent node. The value of the path is the product of
all branch coefficients along the path. For example, in Fig. 2.6.5 b, is the only

T
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independent variable. To determine the ratio b,/b, we identify two paths,
P,=S8,and P,=8,,T,.S,,.

The term ) L(1) is the sum of all first-order loops. A first-order loop is
defined as the product of the branches encountered in a round trip as we move
from a node in the direction of the arrows back to that original node. In Fig.
26.5,8,,I';, 8, S,, T, and S,, I’ are first-order loops.

The term )  L(2) is the sum of all second-order loops. A second-order
loop is defined as the product of any two nontouching first-order loops. In Fig.
2.6.5, S1,I'; and §,, T, do not touch; therefore, the product S, IS, T isa
second-order loop.

The term ), L(3) is the sum of all third-order loops. A third-order loop is
defined as the product of three nontouching first-order loops. In Fig. 2.6.5
there are no third-order loops. Of course, the terms Y. L(4), Y L(5), and so on,
represent fourth-, fifth-, and higher-order loops.

The terms ), L(1)® is the sum of all first-order loops that do not touch
the path P between the independent and dependent variables. In Fig. 2.6.5, for
the path P, =S, we find that 3 L(1)® =TI,S,,, and for the path P, =
S50 Sy, we find that ) L(1)® = 0.

The term ) L(2)® is the sum of all second-order loops that do not touch
the path P between the independent and dependent variables. In Fig. 2.6.5, we
find that ), L(2)" = 0. Of course, ¥ L(3)®, Y. L(#)™®, and so on, represent
higher-order loops that do not touch the path P.

For the transfer function b, /b, in Fig. 2.6.5 we have found that P, =385,
Py=5:T1815, Y L) =8I+ 8,,I, +8,, T, S,,T,, 2. L(2)=5,,I,S,,Ty,
and ) L(1)'") = I', S,, . Therefore, using Mason’s rule, we obtain

o

1 Sy (1 =T 85,)+ S5, Sy,

v

b, 1 —(Sy,T,+5,,T, +8,0.8,,T) + S,,T.5,,T,

2.7 APPLICATIONS OF SIGNAL FLOW GRAPHS

The first application of signal flow graph analysis is in the calculation of the
input reflection coefficient, called I'jy, when a load is connected to the output
of a two-port network. The signal flow graph is shown in Fig. 2.7.1.

b, Sy, a, Figure 2.7.1 Signal flow graph for the
Fw =b,/a, input reflection coefficient I'yy.
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The input reflection coefficient I'yy is defined as
by
a

/6bSCrVing that Pl = Sll? Pz = Szlrlez, 2 la(l) = Szz FL, and Z Lt(l)(l) =
S,, L, we can use Mason’s rule to obtain

Sl —8,,T) + 8,18y,
1-8,,T,

81281 Ty
1-8,T,

rm =

rm =

=S, + .1.1)

If I';, =0, it follows from (2.7.1) that I'yy = S;,. Also, when there is no trans-
mission from the output to the input (i.e, when S;, = 0), it follows that Iy =
S,;. When S,, = 0, we call the device represented by the two-port a unilateral
device. ‘

Similarly, we can calculate the output reflection coefficient I'oyr = b, /a,
with b, = 0 from the signal flow graph shown in Fig. 2.7.2. The expression for

LCouris
Four =822 + ‘?{%ﬁ% (2.7.2)
a, 3;1 b, L
T, Sy Sy h —~—
b, S:u a - Figure 2.7.2 Signal flow graph for the

Tour = ba/a; |s,-0  output reflection coefficient Ioyr-

Next, we use signal flow graphs to calculate power gain and voltage gain.
The square of the magnitude of the incident and reflected waves represent
power. Therefore, the power delivered to the load in Fig. 2.6.5 is given by the
difference between the incident and reflected power, namely

P, = ]b2|2 - |‘12‘2 =|b, ‘2(1 - IFL|2) (2.7.3)

The power available from a source is defined as the power delivered by
the source to a conjugately matched load. Figure 2.7.3 shows the signal flow
graph of a source connected to a conjugate match load (i.e., I', = I'¥). There-
fore, the power available from the source, in Fig. 2.7.3, is given by

Pavs = 1b,1* —la,I? 274
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b, 1 by 1 aL
o > O >
r, r =ry
Figure 2.7.3 Signal flow graph of a volt-
- age source connected to a conjugate
a, 1 b, matched load.

Observing that b, = b, + b, I',I'¥ and a, = b, I'¥, we obtain

b
= — 2.7.5
LT (273)
and
b T¥
=2 2.7.
“=TDInT (279
Substituting (2.7.5) and (2.7.6) into (2.7.4) gives
| b, |?
Pavs =17 IT.] 2.7.7)

The previous results could have also been obtained as follows. Observe
that the power delivered to the load I'; in Fig. 2.7.3 is given by

|bs1%(1 = [T )
|1 - T, |?
Therefore, with I') = I'¥ the power delivered to the load is equal to the avail-
able power from the source, and (2.7.7) follows.
The transducer power gain, called G, is defined as the ratio of the

power delivered to a load to the power available from the source. From (2.7.3)
and (2.7.7) we obtain

P, = lale(l - IFL[2)=

P, |b,)?
Gy = =
T 7 Puys b2

The ratio b, /b, can be obtained using Mason’s rule, namely
b, _ S21

(=T PN =T (2.7.8)

= 1.9
by 1 —(Sy I+ STy +8,0.8,,T) + 8,,I,S5,, T, (2.79)
Substituting (2.7.9) into (2.7.8) results in
2(1 _ .12 1 — 2

(= ST = 85, 1) — 85,8, T, T, P
The denominator of (2.7.10) can be further manipulated and G, can be ex-
pressed in the form

_ 1 — ' rs |2
B l 1 - l‘lN rs'z

1|2
1= 85T,

Gr [82:1° (2.7.11)
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or

_1—r,p?
Il_Sllrs‘

1L

G
T |1 —FourTL

518,51 12 2.7.12)

where I'yy and I'gyy are given by (2.7.1) and (2.7.2), respectively.
The voltage gain of the amplifier is defined as the ratio of the output
voltage to the input voltage. That is,

_a2+b2

A
a, + b,

v

and dividing by b, gives

__ al/bs + bz/bs
v al/bs + bl/bs

Therefore, we need to calculate the ratios a, /b, b, /b,, a,/b,, and b, /b, using
Mason’s rule. The expression for A, can be shown to be

A, = S + 1) 2.7.13)
(1 =822+ 81,1 =82 T)+ 8, TSy,
PROBLEMS
2.1. (a) Show that impedances having a negative real part (i.e., z = —r + jx) have a

reflection coefficient whose magnitude is greater than 1.

(b) Prove that negative resistances can be handled in the Smith chart by plotting
1/T"* and interpreting the resistance circles as being negative and the reac-
tance circles as marked.

(c) Locate in the Smith chart the impedances Z, = —20 +j16 Q and Z, =
—200 + ;25 Q and find the associated reflection coefficient. Normalize the
impedances to 50 Q.

(d) Work the problem in part (c) in the compressed Smith chart.

2.2. (a) Prove that the maximum normalized resistance in a transmission line is nu-
merically equal to the VSWR.
(b) Prove that the minimum normalized resistance in a transmission line is nu-
merically equal to 1/VSWR.

2.3 Show that the impedance along a transmission line repeats itself at every A/2
distance. That is,

Z(d)-—=Z(d+£2£), n=123,...

2.4. Show that the impedance along a transmission line can be expressed in the form

Z(d) = R(d) + jX(d) = | Z(d) | ™



2.5.

2.6.

2.7.

2.8.

2.9.

2.10.
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where
1—|T
R(d) = Z
@ °1—=2|T|cos ¢ +|T|?
2|I'| si
X) = Z, 2 150 ¢

1—2|Tjcos ¢ + |2

1+2|T|cos¢+|TP
Zd)| =2
|24l °\/1—2|I‘!cos¢+ll“|2

 X@ . _, (2IT|sin ¢
R@ -~ " 1(1—:1‘12)

F=lrolejd’, 1‘0=|F0|ef4", ¢=¢1—25d

Find the input impedance, the load reflection coefficient, and the VSWR in a
transmission line having an electrical length of 90°, Z, = 50 Q, and terminated in
the load Z; = S0 + j100 Q. Work the problem in both the Z and Y Smith charts.

(a) Design a single-stub matching system (see Fig. P2.6) to match the load Z, =
15 +j25 Q to a 50-Q transmission line. The characteristic impedance of the
short-circuited stub is 50 Q.

(b) Design the single-stub matching system in Fig. P2.6 assuming that the charac-
teristic impedance of the stub is 100 Q.

"

6, =tan~

Z,=500 Z,=15+(25 Q

o // »
Z, =500

/ Figure P2.6

Two types of ell matching networks are shown in Fig. P2.7. Select one that can
match the load Y, = (8 —j12) x 1073 S to a 50-Q transmission line. Find the
element values at f = 1 GHz

Design four different ell matching networks to match the load Z, = 10 + j40 Q to
a 50-Q transmission line. ;

Design the matching network in Fig. P2.9 that provides Y, = (4 —j4) x 1073 S
to the transistor. Find the element values at 700 MHz.

Use (2.5.8) to (2.5.11) to show that for Duroid, (¢, = 2.23, h = 0.7874 mm), a 50-Q
characteristic impedance is obtained with W/h = 3.073. Also, grp =191 and
A =10.72364,.
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L C
o- l 000/ o—j L
I o . o ‘
Zy =500 Zn =508
(a) (b)
Figure P2.7

2.11. In the amplifier shown in Fig. 2.5.8b, calculate the width and the length of the
lines at /= 1 GHz.

2.12. Design two microstrip matching networks for an amplifier whose reflection coef-
ficients at f = 800 MHz, in a 50-Q system, are I', = 0.8|160° and I', = 0.7 [20°.
Show the diagram for the complete amplifier using balanced shunt stubs. '

c
l1
LR}

— ~EL s

Y =(4-j4) X1073S Figure P29

2.13. Design the matching networks in Fig. P2.13 to match the load Z; = 100 + j100 Q
to a 50-Q transmission line.

2.14. Design the matching network in Fig. P2.14 to match a 50-Q load to the im-
pedance Z,, = 25 — j25 Q.

2.15. Verify the expressions for G in (2.7.11) and (2.7.12).
2.16. Verify the expression for A4, in (2.7.13).

50 £ L 50
O——\000—
[1 ZL= 12 ZL =
L 100 + 100 +
j100 Q j100 ©
(o O
Zy =50Q Z, =508
(a) {b)

Figure P2.13
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MICROWAVE TRANSISTOR|
AMPLIFIER DESIGN

3.1 INTRODUCTION

This chapter develops some basic principles used in the analysis and design of
microwave transistor amplifiers. Based on the S parameters of the transistor
and certain performance requirements, a systematic procedure is developed for
the design of a microwave transistor amplifier. Of course, some errors are
expected in the final implementation of the design resulting from parameter
variations, stray capacitances, and other random causes.

The most important design considerations in a microwave transistor
amplifier are stability, power gain, bandwidth, noise, and dc requirements.
This chapter deals with the problems of stability, power gain, and the dc bias
design. ,

A design usually starts with a set of specifications and the selection of the
proper transistor. Then a systematic mathematical solution, aided by graphical
methods, is developed to determine the transistor loading (i.e., the source and
load reflection coefficients) for a particular stability and gain criteria. An un-
conditionally stable transistor will not oscillate with any passive termination.
On the other hand, a design using a potentially unstable transistor requires
some analysis and careful considerations so that the passive terminations pro-
duce a stable amplifier.

Design procedures for both unilateral and bilateral transistors, based on
stability and gain requirements, are described. Both passive and active dc bias
networks for BJTs and GaAs FETs are analyzed. It is important to select the
correct dc operating point and the proper dc network topology in order to
obtain the desired ac performance.
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3.2 POWER GAIN EQUATIONS

Several power gain equations appear in the literature and are used in the
design of microwave amplifiers. Figure 3.2.1 illustrates a microwave amplifier
signal flow graph and the different powers used in gain equations are indi-
cated. The transducer power gain Gr, the power gain G, (also called the
operating power gain), and the available power gain G are deﬁned as follows:

G = PL __power delivered to the load
T ™ P,ys power available from the source
G — P, _ power delivered to the load
P PN power input to the network
and
G PAVN power available from the network
A~

" P,vs  power available from the source

i 12 < 3 P =P
__..> R AVS ’N' Mn=T¢

P =
AVN Ll rL FOUT

PAVS PlN AVN

Figure 3.2.1 Different power definitions.

The expressions for G, were already derived in (2.7.11) and (2.7.12).
Observing that P,y =|a,|*> —|b,|* and that the power available from the
network, P,yn, 1s that power delivered by the network to a conjugately
matched load, we can write the power gain equations in the form

S ST &2
G = [ 5 1520 [T 22
G, = t'!'lfl:;‘li [S211% 11——s|:Lr|i|2 (3.2.3)
Ga=71z Sl,r I2|2 R e P (3:24)
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S1285, 1,

Iin =S, +-—13-2LL 3.2.5

IN 11 1 - Szz rL ( )
S128,,T,

Tor=5n+7T 5 7 - s“lr (3.2.6)
1 s

Grisa f(I',, 'L, [S]) (ie, a function of I';, I',, and the S parameters of the
transistor), G, = f(I',, [S]), and G, = f(T,, [S]).

If we assume the network to be unilateral, that is, when S,, = 0, then
I'n = 811 Tour = S22, and the unilateral transducer power gain from (3.2.1)
and (3.2.2), called G4y, is given by :

_ l-lrslz
_ll—Sllrslz

1 -,
|1 =85, T I?

Gru |82, 7 (3.2.7)

The first term in (3.2.7) depends on the S,, parameter of the transistor
and the source reflection coefficient. The second term, |S,, |?, depends on the
transistor scattering parameter S,,; and the third term depends on the S,,
parameter of the transistor and the load reflection coefficient. We can think of
(3.2.7) as being composed of three distinct and independent gain terms. There-
fore, we can write (3.2.7) in the form

GTU = Gs Go GL (3.2.8)
where
1 —|L,J?
G. = g 3.2.9
: I 1 - Sl lrs'z ( )
G, =18,/ (3.2.10)
1— |2
G, = , 3.2.11
=8, ( )

and the microwave amplifier can be represented by three different gain (or
loss) blocks, as shown in Fig. 3.2.2.

1
V, /0° | G, G, G, z,
NN N

Ps S!l S22 r‘I..

Figure 3.2.2 Unilateral transducer power gain block diagram.
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The terms G, and G, represent the gain or loss produced by the match-
ing or mismatching of the input or output circuits, respectively. The term G;
affects the degree of matching or mismatching between I'; and S;,. Although
the G, block is made up of passive components, it can either have a gain
contribution greater than unity or a loss. The reason we usually refer to G, as
a gain block is that there is an intrinsic mismatch loss between Z,, the match-
ing network, and S,, (ie, between I'y and § 11). Therefore, decreasing the
mismatch loss can be thought of as prov1dmg a gain. Similarly, the term G
affects the output matching and can be thought of as the output gain block.
The term G, is related to the device and is equal to | S5, |>. In terms of decibels
we can write from (3.2.8) to (3.2.11)

Gry (dB) = G, (dB) + G, (dB) + G, (dB)

If we optimize I'; and I'; to provide maximum gain in G, and G, we
refer to the gain as the maximum unilateral transducer power gain, called
Gry.max- The maximum gain of G5 and G, with [S;,| <1 and |S;,]| < 1, is
obtained when :

I, =58%
and
IL=S58%
Therefore, from (3.2.9) and (3.2.11) we obtain
S U
smax = 171G P2
1
GrLmax = T-15.F
and (3.2.8) gives ‘

GTU.max = Gs.max Go GL,max
1 .

= |8, | 3.2.12
isr onl TS, G212
The appropriate block diagram for (3.2.12) is shown in Fig. 3.2.3.
ZO
-+
Vs Lg_o Gs,max “l r Go 4_] ;_» GL,ma); Zo
T

=S Sy Sp I =8%

Figure 3.2.3 Maximum unilateral transducer power gain block diagram.
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3.3 STABILITY CONSIDERATIONS

The stability of an amplifier, or its resistance to oscillate, is a very impotrtant
consideration in a design and can be determined from the S parameters, the
matching networks, and the terminations. In a two-port network, oscillations
are possible when either the input or output port presents a negative resist-
ance. This occurs when || > 1 or | Toyy| > 1, which for a unilateral device
occurs when |S,;| > lor|S,;;| > L

The two-port network shown in Fig. 3.3.1 is said to be unconditionally
stable at a given frequency if the real parts of Z;y and Zoyy are greater than
zero for all passive load and source impedances. If the two-port is not un-
conditionally stable, it is potentially unstable. That is, some passive load and
source terminations can produce input and output impedances having a nega-
tive real part.

I, Tw Four T
Zl
+ —— Lt T ot L
° wo-port
Vs [0 network 2y
_ . e -(-1
Zin Zoyt

Figure 3.3.1 Stability of two-port networks.

In terms of reflection coefficients, the conditions for unconditional stabil-
ity at a given frequency are

Tl <1 (3.3.1)
IT, <1 (3.3.2)
SlZSZIFL )
= b Pl 1 Sl 3 RO 3.
| Tind ‘511+1_S22I~L < (3.3.3)
and
S15 85T,
I Tourl = 822 +1—!;2—S—2-1‘1—1—_-' <1 (3.34)

where, of course, all coefficients are normalized to the same characteristic
impedance Z, .
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The solutions of (3.3.1) to (3.3.4) give the required conditions for the
two-port network to be unconditionally stable. However, before we discuss the
intricacies of the necessary and sufficient conditions for unconditional stability,
a graphical analysis of (3.3.1) to (3.3.4) is presented. The graphical analysis is
especially useful in the analysis of potentially unstable transistors. |

When the two-port in Fig. 3.3.1 is potentially unstable, there may be
values of I'; and I'; (i.e, source and load impedances) for which the real parts
of Z,y and Zyyr are positive. These values of I'y and I'; (i.e, regions in the
Smith chart) can be determined using the following graphical procedure.

First, the regions where values of I', and I'; produce |I';y| =1 and
| Fourl = 1 are determined, respectively. Setting the magnitude of (3.3.3) and
(3.3.4) equal to 1 and solving for the values of I', and I'y shows that the
solutions for I'; and I’ lie on circles (called stability circles) whose equations
are given by

S5y — ASE)* S1> S
r - 33.5
LT 150 —1AE| T |Snl = |1AF (3:3-5)
and
(51, — ASE)* S1> 551
r — = 3.
S TISLE—1AR| 1S, 1A (3.3.6)
where

A= Suszz - S12 SZl

The radii and centers of the circles where |yl =1 and |y =1 in
the I', plane and I'; plane, respectively, are obtained from (3.3.5) and (3.3.6),
namely:

") values for | I'iy| = 1 (Output Stability Circle):

812 SZl .
r, = radius 3.3.7
S [TV 3D
(S22 — ASTD*
C, = center 338
LTS AP e 38
I's values for | Ugyr| = 1 (Input Stability Circle):
SIZ 521 .
r, = radius 3.39
‘181112—11312 (radius) (3-39)
Sy — AS%,)*
SCIT 2) (center) (3.3.10)

CUSu P —1AP

With the S parameters of a two-port device at one frequency, the ex-
pressions (3.3.7) to (3.3.10) can be calculated, plotted on a Smith chart, and the
set of values of I'; and T, that produce |y} =1 and |I'gyr| = 1 easily ob-
served. Figure 3.3.2 illustrates the graphical construction of the stability circles
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Ty =1 IToyr =1

NS S/

(a) {b)

Figure 3.3.2 Stability circle construction in the Smith chart: (a) I', plane; (b) I',
plane. -

where |I')n] = 1 and |Toyrl = 1. On one side of the stability circle boundary,
in the I', plane, we will have |I'y| <1 and on the other side || > 1.
Similarly, in the I, plane on one side of the stability circle boundary, we will
have |Tour] < 1 and on the other side |Toyr| > 1.

Next, we need to determine which area in the Smith chart represents the
stable region. In other words, the region where values of I', (where ITLl<1)
produce | T'yy| < 1, and where values of I'y (where || < 1) produce | T'gyrl <
1. To this end, we observe that if Z, = Z,, then I’y =0 and from (3.2.5)
IT,n| =18;:]. If the magnitude of §,, is less than 1, then |I'iy| <1 when
I', = 0. That is, the center of the Smith chart in Fig. 3.3.2a represents a stable
operating point, because for I', = 0 it follows that |T)y| < 1. On the other
hand, if |S,,| > 1 when Z, = Z,, then {I'y| > 1 when I', =0 and the center
of the Smith chart represents an unstable operating point. Figure 3.3.3 illus-

Ir‘m‘=1

(a) (b)

Figure 3.3.3 Smith chart illustrating stable and unstable regions in the I'; plane.
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In fact, the input and output stability circles, from (3.3.7) to (3.3.10), are lo-
cated at C, =0.1[107.4°, r, = 044, C, = 0.26 [ —36.3°, and r, = 0.41, which
can be drawn inside the Smith chart to show the unstable regions. Also, a
calculation of B, from (3.3.16) produces a negative value (i.e, B, = —3.34),
Since K > 1 and B, < 0, we conclude again that the transistor is potentially
unstable.

In the unilateral amplifier K = oo and we have unconditional stability if
|Si1] < 1and|S,,| < 1 for all passive load and source terminations.

In the potentially unstable situation illustrated in Figs. 3.3.3 and 3.34,
the real part of the input and output impedances can be negative for some
source and load reflection coefficients. In this case, selecting I'; and I'; in the
stable region produces a stable operation.

Even when the selection of I", and I'; produces [T'\ny| > 1L or [Tour| > 1,
the circuit can be made stable if the total input and output loop resistance in
Fig. 3.3.1 is positive. In other words, the circuit is stable if

Re (Z, + Zy) > 0

and
Re (Z, + Zoyp) >0

A potentially unstable transistor can be made unconditionally stable by
either resistively loading the transistor or by adding negative feedback. These
techniques are not recommended in narrowband amplifiers because of the
resulting degradation in power gain, noise figure, and so on. Narrowband
amplifier design with potentially unstable transistors is best done by the
proper selection of I'; and I', to ensure stability. On the other hand, the
techniques are popular in the design of some broadband amplifiers where the
transistor is potentially unstable.

The following example illustrates how resistive loading can stabilize a
potentially unstable transistor.

Example 3.3.1

The S parameters of a transistor at f = 800 MHz are

Siy = 0.65[—95°
S12 = 0.035]40°
S,y = 5[115°

Sy, =08 —35°

Determine the stability and show how resistive loading can stabilize the transistor.

Solution. From (3.3.13) and (3.3.17) we find that K = 0.547 and A = 0.504 | 249.6°.
Since K < 1, the transistor is potentially unstable at f = 800 MHz.
The input and output stability circles are calculated using (3.3.7) to (3.3.10):
C,= 1.79]122° Cp = 1348°

ro= 104 rp =045

N
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Figure 3.3.6 Input and output stability circles.

Figure 3.3.6 shows the plot of the stability circles, together with the stable region. It can
be seen that a series resistor with the input, of approximately 9 €, assures stability at
the input. Also, a series resistor of approximately 29 Q, or a shunt resistor of approxi-
mately 500 Q at the output, produces stability at the output. The three choices of
resistive loading are shown in Fig. 3.3.7. The most popular is the shunt resistor con-
figuration in Fig. 3.3.7c.
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29 Q
9Q

500 Q@

(a) (b) (c)
Figure 3.3.7 Three types of resistive loading to improve stability.

For the stabilized shunt resistor configuration in Fig. 3.3.7c (i.e., with a 500-Q
shunt resistor), the resulting S parameters are

Sy; = 0.65 —94°
S, =0032]41.2°
S, = 4.62[116.2°

S,, = 0.66 | —36°

and from (3.3.13) and (33.17) K = 1.04 and A = 0.409(250.13°, which show that the
stabilized network in Fig. 3.3.7¢ is unconditionally stable at f = 800 MHz.

Negative feedback can be used to stabilize a transistor by neutralizing
S,2, that is, by making §,, = 0. However, this is not commonly done. In a
broadband amplifier design using a potentially unstable transistor, a common
procedure is to use resistive loading to stabilize the transistor and negative
feedback to provide the proper ac performance, that is, to provide constant
gain and low input and output VSWR.

3.4 CONSTANT-GAIN CIRCLES—UNILATERAL CASE

The unilateral transducer power gain is given by (3.2.7) or (3.2.8), and the
maximum unilateral transducer power gain, obtained when I', = $*, and
I', =8%,, is given by (3.2.12). The expressions for G, and G, in (3.2.9) and
(3.2.11) are similar in form and they can be written in the general form

1Ty
=S,

(3.4.1)

where i = s (ii=11) or i = L (ii = 22). The design for a specific gain is based
on (3.4.1).

Two cases must be considered in the analysis of (3.4.1), the un-
conditionally stable case where |Si] <1 and the potentially unstable case
where | S;;| > 1. |
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Unconditionally Stable Case, |S,| <1

The maximum value of (3.4.1) is obtained when I'; = S¥%, and it is given
by

1

Gimax = TZIS.F

(3.4.2)

The terminations that produce G, ,,,, are called the optimum terminations.
From (3.4.1), G; has a minimum value of zero when |I';| = 1. Other
values of I'; produce values of G; between zero and G; ., , that is,

0 < Gi < Gi.max

The values of I'; that produce a constant gain G; will be shown to lie in a circle
in the Smith chart. These circles are called constant-gain circles.
Define the normalized gain factor as

G;

g9i = = G:(1 —18:41*) (34.3)

Gi,max

such that
0 < g; < 1

In order to set g; equal to a constant and solve for the values of I';, we let
Ii=U,; +jV, (3.4.4)
and
Si = Ay + jBy; (34.5)

Substitute (3.4.4) and (3.4.5) into (3.4.3); after some manipulations we obtain

gi A 2 [ g: Bi; :r
U. — V.
[‘ 1—|sii|2(1—gi)] T T s P = g)
‘\/l_gl(l ISu' ]
3.4.6
[ 18,150 — 99 (346

Equation (3.4.6) is recognized as a family of circles with g; as a parame-
ter. The centers of the circles are located at

gi Ay
U, =
1 - 'Siilz(l — g
and
—a: B
V gl i1

© T 1 — 1821 — g)
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Vik
/1’—;\ \
/ BX\
v | ( 7 |
\\"/
L .
U, U,
I pl v . .
i pane Figure 3.4.1 Constant-gain circles in th
. ’ AN
Smith chart.

and the radii of the circles are given by
V1—g: (1 =[5 :
R, = (3.4.7)
1 -8 - g

Figure 3.4.1 illustrates the location of a constant-gain circle. The distance
from the origin to the center of a constant-gain circle is given by

g; | Siil

d=JUr+V?= T 15,20 =99 (3.4.8)
and the angle of inclination, o;, is
tan a; = -Vi
7
or
— B,
o; = tan ! - (3.4.9)

i

Equation (3.4.9) shows that the constant-gain circles are located, at a
distance d; given by (3.4.8), along the line drawn from the origin to the point
Si (e, S§ = A, — jB,).

It is observed that when g, = 1 (i.e., when Gi = G mar) (34.7) gives R, = 0
and (3.4.8) gives d; = | S;;|. Therefore, the constant-gain circle for maximum
gain is represented by a point, located at S¥.

In conclusion, the procedure for drawing the constant-gain circles in the
Z Smith chart is:

1. Locate S% and draw a line from the origin to S¥. At S¥, the gain is G max
and given by (3.4.2).

2. Determine the values of G,, where 0 < G; < G; max» for which the
constant-gain circles are to be drawn, and calculate the corresponding
values of g; = G;/G; ., -
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3. From (3.4.8), determine the values of d; for each g;.
4. From (3.4.7), determine the values of R, for each g;.

The 0-dB circle (G; = 1) always passes through the origin of the Smith
chart. This is not a coincidence. In fact, G; = 1 occurs when I'; = 0 and from
(3.4.3)

Gioas = 1 — |Sii|2
then, from (3.4.7) and (3.4.8),

|Sul
Ri.OdB = di,OdB = T_:_"i'“g""i
ii

which shows that the radius and the distance from the origin to the center of
the 0-dB constant-gain circle are identical.

A typical set of constant-gain circles for G, are calculated in the follow-
ing example and shown in Fig. 3.4.2.
Example 3.4.1

The S parameters of a BJT measured at Ve = 10 V, I = 30 mA, and f=1GHz ina
50-Q) system are :

S,, = 073|175°

S;,=0

S,, = 445(65° .
S,, = 021 —80°

(a) Calculate the optimum terminations.

(b) Calculate G, naxs GL.max> AN Gry max in decibels.
(c) Draw several G constant-gain circles.

(d) Design the input matching network for G, = 2 dB.

Solution. (a) The optimum terminations are

I, =8% =073 -175°
and

r,=S8% =021|80°

Using the Smith chart, the impedances associated with I'y and I', are Z, =
50(0.152 — j0.047) = 7.6 — j2.35 Qand Z, = 50(0.97 + j0.43) = 485 + j21.5Q.
(b) From (3.4.2) we find that

1

G, . =————=2141 or 331dB
' 1—184,: 17

1

G = ——— = 1.046 0.196 dB
L,max 1 _ ‘822 |2 or



106 Microwave T‘tor Ampliﬁ’sign Chap. 3

Since
G,=|S,,>?=198 or 1297dB
then
Gry,max (AB) = 3.31 + 0.196 + 12.97 = 1647 dB

(c) The output network provides little gain (i.e., G max = 0.195 dB); therefore, the
output matching network is designed to present the optimum termination I'j =
0.21|80°. Since G, ,,,, = 3.31 dB, constant-gain circles at 2,1,0,and —1 dB are drawn
in Fig. 3.4.2a. The necessary calculations are given in Fig. 3.4.2b.

(d) Any I'; along the G, = 2 dB circle provides the constant gain. Selecting T, at
point A (ie., z, =042 +j0.1) in Fig. 3.4.2a results in the input matching network
shown in Fig. 3.4.3a. The details of the matching network design are shown in Fig.
3.4.3b.

Potentially Unstable Case, |S,| > 1

In this case |S;]| > 1 and it is possible for a passive termination to
produce an infinite value of G,. The infinite value of G; 1in (34.1) is produced
by the critical value of I';, called I'; ., given by

1
o= — 34.1
Fe=5 (3.4.10)
Equation (3.4.10) basically states that the real part of the impedance associated
with I", . is equal to the magnitude of the negative resistance associated with
S... Therefore, the total input or output loop resistance is zero, and oscillations
will occur. ,

As discussed in Section 2.2, in the case of negative resistances we can
locate 1/S¥% in the Smith chart and interpret the resistance circles as being
negative and the reactance circles as labeled.

With g; defined as in (3.4.3), namely

gi = G;(1 — lSiilz)

where now g; can attain negative values because IS > 1, it is not difficult to
show that the centers of the constant-gain circles are located at the distance d;
given by (3.4.8) and the radii of the circles R; given by (3.4.7). The centers of
the constant-gain circles are located, at the distance d;, along a line drawn
from the origin to the point 1/S;.

To prevent oscillations in the input or output port, I' ; must be selected
such that the real part of the termination impedance is larger than the mag-
nitude of the negative resistance associated with the point 1/S¥%. The stable
region is that region where values of I, produce a termination such that

Re (Z,) > [Re (Z)y)]
and
Re (Z,) > |Re (Zoyy) |
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Sec. 3.4 Cc.'lt-Gain Cirt.»Unilateral Case
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{a)
G, (dB): 2 I 0 —1
G, 1.59 1.26 1 0.79
g, 0.743 0.588 0.467 0.369
d, 0.629 0.55 0476 0.406
R, 0.274 0.384 0.476 0.559
(b)

Figure 3.4.2 (a) Constant-gain circles for G, = 2, 1, 0, and —1 dB; (b) calculations
of constant-gain circles.
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Figure 3.4.3 Input matching network for G, = 2dB.
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A typical construction is illustrated in Fig. 3.4.4, where the critical value
of I, (ie., I'; . = 1/S,,) and two constant-gain circles are shown.

Example 3.4.2

The S parameters of a GaAs FET measured at V5 =5V, ;o =10mA, and f= 1 GHz
in a 50-Q system are

S, =227 —120°

SZI = 4L5_0_°
S,, = 06| —80°

30Ny,

1N 33154203 worssTRSKNYEL 2,
NN 4305 NO1LIINIIY

-

~
~

: s gl
Y 0. Q b
MESISTANCE conmuv(—ﬁ—), on TANCE COvOOuEYT(H-

IS
|

Unstable

e

133.9” pon

Figure 3.44 Stable and unstable regions, and G, constant-gain circles for Example '
34.2.
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(a) Calculate the input impedance and the optimum output terminations.

(b) Determine the unstable region in the Smith chart and construct constant-gain
circles for G, = 5 dB and G, = 3 dB.

~(¢) Design the input matching network for G, = 3 dB with the greatest degree of
stability.
(d) Determine G in decibels.

Solution. (a) The input impedance is obtained from the Smith chart at the point
1/S%, = 0.44] —120° (see Fig. 3.4.4), namely

Zp = 50(—0.5—j046) = —25 —j23 Q
The optimum termination for G, is
Iy =837, =06(80°

The impedance associated with I'; is obtained from the Smith chart as Z, = 50(0.56
+ j1.03) = 28 + j51.5 Q.

(b) The unstable region is where Re (Z,) < |Re (Z,y)|. The unstable region is
marked in Fig. 3.44.

In order to construct the constant-gain circle for G, = 5 dB, we first locate the
point 1/S,, in Fig. 3.4.4. Then, from (3.4.3), (3.4.7), and (3.4.8), we find that

g, = 3.16[1 — (2.27)*] = —13.123

V1 . 1 —(2.27)?
R = +13.123 [ (2)]___0‘217

T 122741 + 13.123)

and

4 —13.123(2.27)
ST 1= (22721 + 13.123)

The G, = 5 dB circle is drawn in Fig. 3.4.4. Similarly, for the G, = 3 dB circle, we find
that g, = —8.286, d, = 0.401, and R, = 0.27.

(c) In order to obtain the greatest degree of stability we select I, on the G, = 3
dB circle such that it has the largest positive real part. That is, I', is selected at point
A in Fig. 3.4.4, namely

= 0.415

I, = 0.245(79°
or
Z, = 50(0.97 +j0.5) = 48.5 + j25 Q

Since the input loop resistance is 48.5 — 25 = 23.5 Q, the input port is stable.
(d) Since G, = 3 dB,

1 1
G = =
bmax =1 —18,,12 7 1 —(0.6)

= 1562 or 194 dB
and

G,=|5,?’=@%*=16 or 12.04dB
the unilateral transducer gain is

Gry (dB) =3 + 12.04 4+ 194 = 16.98 dB
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3.5 UNILATERAL FIGURE OF MERIT

When S,, can be set equal to zero, the design procedure is much simpler. In
order to determine the error involved in assuming S,, = 0, we form the mag-
nitude ratio of Gy and Gy from (2.7.10) and (3.2.7), namely

Gr 1
Gry |1-X}

(3.5.1)

where

I FE N Y
(1 - Sllrs)(l - S22 I“L)

X

From (3.5.1) the ratio of the transducer power gain to the unilateral
transducer power gain is bounded by
1 < Gy - 1
A+[1X)* Gry (A—-|X)

When I, = $%, and I';, = §%,, Gy has a maximum value and, in this
case, the maximum error introduced when using Gy is bounded by

1 Gr 1
3.5.2
(1+U)2<GTU<(1'"U)2 N
where
U _ 1812118511155, 1155 | (3.5.3)

(=18 I~ 1822 )

is known as the unilateral figure of merit.

The value of U varies with frequency because of its dependence on the §
parameters. A typical variation of U with frequency is shown in Fig. 3.5.1. In
this case, the maximum value of U occurs at 100 MHz and 1 GHz, and is
given by U = —15dB or U = 0.03. Therefore, from (3.5.2),

1 _Gr_ 1
(1 + 0032~ Gpy (1 —0.03)?

or in decibels,

—0.26 dB < —Ggl— < 0.26 dB

TU

and the maximum error is +0.26 dB at 100 MHz and 1 GHz. In this case, the
error is small enough to justify the unilateral assumption.
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Figure 3.5.1 Frequency dependence of the unilateral figure of merit.

3.6 SIMULTANEOUS CONJUGATE MATCH—

~——

.

BILATERAL CASE

-

f
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When §,, # 0, and the unilateral assumption cannot be made, the input and
output reflection coefficients are given by (3.2.5) and (3.2.6), respectively. The

conditions required to obtain maximum transducer power gain are

F,N=F;"

and

These conditions are illustrated in Fig. 3.6.1.
From (3.2.5), (3.2.6), (3.6.1), and (3.6.2) we can write

SlZSZXFL
1 - Szz rL

and

50 Q2

F:=SII+

I'T =8+

rour=rz

S12S21rs
I— Sllrs

MWW

V, [0°

Figure 3.6.1 Simultaneous conjugate match exists when Nn=TFand Iy =T%.

Input
matching
network

Output

matching

network

(3.6.1)

(3.6.2)

(3.6.3)

(3.6.4)

50 2
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Solving (3.6.3) and (3.6.4) simultaneously gives the values of I'y and I',
required for a simultaneous conjugate match. Calling these values I'y,, and
Iy, we obtain

B, + /B —-4|C,|?

Iy = 2C. (3.6.5)
_ B, + /B3 —4|C, )
Ly = 2C, (3.6.6)
Bl=1+'311‘2"‘1322’2"]Ai2 (3.6.7)
Bz=1+|Szz|2“‘|Sul2—|A|2 (3.6.8)

Cy =83, — A8,
C, = 83, — AST,

In what follows we will show that for an unconditionally stable two-port
network, the solutions with a minus sign in (3.6.5) and (3.6.6) are the useful
ones.

If | B,/2C,| > 1 and B, > 0 in (3.6.5), the solution with the minus sign
produces | 'y, | < 1 and the solution with the plus sign produces | 'y, | > 1. If
| B;/2C,| > 1 with B, <0 in (3.6.5), the solution with the plus sign produces
IT\y.| < 1 and the solution with the minus sign produces | Iy | > 1. Similar
considerations apply to (3.6.6).

Since it can be shown that | B;/2C;|*> > 1 (i = 1 or 2) is similar to K* > 1,
it follows that the condition | B;/2C;| > 1 is similar to | K| > 1 (see Problem
3.13).

Therefore, if | K| > 1 with K positive, one solution of (3.6.5) and (3.6.6)
has a magnitude less than 1, and the other solution has magnitude greater
than 1. In fact, in this case if B; > O the solutions with the minus sign have
magnitudes less than 1 (observe from Problem 3.5 that in this case B, and B,
have the same sign). The analysis for |K|> 1 with K negative is left as an
exercise (see Problem 3.13).

Associated with I, and T, are a source and a load impedance. The
real parts of these impedances are positive if |I'y | <1 and [T’y | < 1. From
the previous considerations, we conclude that in terms of K, the condition
that a two-port network can be simultaneously matched with |I"y,| <1 and
ITpl < 1is[3.1,3.2]

K>1

The condition K > 1 is only a necessary condition for unconditional
stability. Therefore, a simultaneous conjugate match having unconditional sta-
bility is possible if K > 1 and |A| < 1. Since | A| < 1 implies that B, > 0 and
B, > 0, the minus signs must be used in (3.6.5) and (3.6.6) when calculating the
simultaneous conjugate match for an unconditionally stable two-port network.

In what follows any reference to a simultaneous conjugate match as-
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sumes that the two-port network is unconditionally stable. In a potentially
unstable situation the design procedure is best done in terms of G, or G, (see
Section 3.8).

The maximum transducer power gain, under simultaneous conjugate
match conditions, is obtained from (2.7.10) with I, =Ty, and I', =T, ,
namely

(1 = 1Ty 1185, P(1 — | Tpr 1)
Grmax = (3.6.9)
T (1 — 83 D)1 — 8550 0) — 812821 e Tags 12

Substituting (3.6.5) and (3.6.6) into (3.6.9), and using (3.3.13) gives the relation

Grmax = 5541 (K- /K*=1) (3.6.10)

15121

The maximum stable gain is defined as the value of Grmax When K =1,
namely A

1S5 :
Gus = S (3.6.11)

Gusg 1s a figure of merit that represents the maximum value that G 1 max Can
have. It can be achieved by resistively loading the two-port (i.e., the transistor)
to make K = 1, or by using feedback.

3.7 CONSTANT-GAIN CIRCLES—BILATERAL CASE

The bilateral case occurs when S, cannot be neglected. Two different cases
must be considered in the analysis: the unconditionally stable bilateral case
and the potentially unstable bilateral case. ’

Unconditionally Stable Bilateral Case, K >1and |A| <1

This situation occurs when K > 1 and |A| < 1, and any passive source
and load terminations can be used. Of course, the terminations I" ms and 'y,
given by (3.6.5) and (3.6.6), will produce a simultaneous conjugate match which
results in the maximum value of the transducer power gain.

If the design calls for a transducer power gain different from the maxi-
mum, a constant-gain circle procedure based on (3.2.1) or (3.2.2) can be used.
For example, a procedure based on (3.2.1) is as follows. Write (3.2.1) in the
form

GT = G; Go GL (3‘7.1)
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where
, _ 1-|L,P
G, = 11— T e (3.7.2)
G,=15y,1?
and
1P
TR G13)

Then the design procedure is as follows:

1. From (3.7.3), the constant-gain circles for G, can be drawn using (3.4.3)
and (3.4.7) to (3.4.9). Select the desired I', for a given G, gain.

2. Calculate I'yy from (3.2.5). Observe that I'jy depends on I';; therefore, G;
depends on G, . '

3. From (3.7.2), the constant-gain circles for G; can be drawn using (3.4.3)
and (3.4.7) to (3.4.9) (observing that I’y replaces S;;). Select the desired I';
for a given G, gain. The value of G, might not be satisfactory and will
require the selection of another I'; and the procedure repeated.

4. Design the matching networks.

The procedure just outlined is not recommended for a practical design
since I’y is a function of I';, making the G, function dependent of the G,
function. Furthermore, the centers of the gain circles do not give Gr ... In
fact, the graphical approach becomes tedious because of the iterative process
required for obtaining the desired gain.

As shown in the next section, the design of a microwave transistor ampli-
fier in the unconditional stable bilateral case, for a gain different from G a5
can be done using the operating power gain equation.

Example 3.7.1

Design a microwave amplifier using a GaAs FET to operate at f = 6 GHz with maxi-
mum transducer power gain. The transistor S parameters at the linear bias point,
VDS = 4 V and IDS = O‘SIDSS’ are

S, = 0641 —171.3°
S,, = 0.057[16.3°
S,, = 2.058(28.5°

Szz = 0.572| —95.7°

Solution. From (3.3.13) and (3.3.17) we obtain K = 1.504 and A = 0.3014]109.88°.
Since K > 1 and |A| < 1, the GaAs FET is unconditionally stable.
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Next, we must decide if the amplifier can be considered unilateral. From (3.5.3),
U = 0.1085, and from (3.5.2),

—0.89 dB <-th—< 1 dB

TU

The inequality above shows that S, , cannot be neglected.
The reflection coefficients for a simultaneous conjugate match are calculated
from (3.6.5) and (3.6.6) as follows:

B, = 0.9928

B, = 0.8255

C, = 0.4786[182.7°

C, = 0.3911]256.1°
Ty, = 0.762[177.3°

and
[y =0.718[103.9°

The maximum transducer power gain, from (3.6.10), is

Gr =298 | 504 J(1.504)2 1) = 1374 or 1138 dB
T.max — 0.057 ( . . - . :

(

The design of the matching networks using microstrip lines is illustrated in Fig.
3.7.1, where the admittances associated with I'y,, and I',,, are

7.2 —j1.23 o i
Yye = ———— = (144 — j24.6) x 1073 §
50
and
0414 — j1.19
VoL = 50’ = (8.28 — j23.8) x 10°° S

The input matching network can be designed with an open shunt stub of length 0.185
and a series transmission line of length 0.06154. The output matching network is
designed with an open shunt stub of length 0.1764 and a series transmission line of
length 0.1694.

The ac amplifier schematic is shown in Fig. 3.7.2. Using Duroid (¢, = 2.23,
h = 0.7874 mm) for the board material, we find that W = 2.41 mm for a characteristic
impedance of 50 Q, e, = 1.9052, and 4 = 0.72454,, where i, = S cm at f= 6 GHz.
The microstrip lengths at f = 6 GHz are

0.1854 = 6.70 mm
0.06154 = 2.23 mm
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Figure 3.7.1 (a) Design of the input matching network; (b) design of the output
matching network.

0.1694 = 6.12 mm
0.1764 = 6.38 mm

The design for Gp ., With 'y and I'y,;, at 6 GHz, assures that the input and
output VSWR are 1.

This example is revisited in Section 4.3, where noise considerations are included.
Finally, we should point out that the stability must be checked at all frequencies, so
that the reflection coefficients I'y,, and I'),, provide stable operation.
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Figure 3.7.1 (continued)

Potentially Unstable Bilateral Case, K <1or |A] > 1

e [

A design procedure based on the expression for G in (3.2.1) or (3.2.2) is
not recommended because it leads to a tedious iterative process. The process is

somewhat similar to that given for the unconditionally stable bilateral case
[ie, (3.7.1) to (3.7.3)].
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0.169)

0.0615A

50

+ 0.176A
v, L0° 50

- 0.185A

Figure 3.7.2 The ac schematic of a GaAs FET microwave amplifier. All microstrip
lines have a characteristic impedance of 50 Q.

As shown in the next section, a design procedure for this case can be
developed using the operating power gain equation.

In conclusion, when designing a microwave transistor amplifier where
S12 cannot be neglected (i.., bilateral case), a design procedure that calls for a
transducer power gain different from Gy, is tedious, and a simpler design
procedure can be developed using the operating power gain equation. When
the transistor is unconditionally stable, a simultaneous conjugate match can be
found, and the design procedure is based on Gy ., or (as shown in the next
section) on the operating power gain. In fact, in this case both procedures lead
to the same results.

3.8 OPERATING AND AVAILABLE POWER GAIN CIRCLES

When S, cannot be neglected, a design procedure based on the operating
power gain G, is commonly used. The operating power gain is independent of
the source impedance; therefore, an operating power gain circle procedure for
both unconditionally stable and potentially unstable transistors is simple and
recommended for practical designs.

Again we must consider two cases, the unconditionally stable case and
the potentially unstable case.

Unconditionally Stable Bilateral Case

To develop a design procedure with G,, we write (3.2.3) in the form
1S5, 21 = [T, |)

SII—AFLZ |
L )j1-s 2
o5 )1 SalLl

G, =
(1-

=18, lzgp (3.8.1)
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where
1 - ?
9 = |1— Szerlz — 1844 _Ar'le
1— | |2
= 1—18;,; |2 + II“LIZ(I Szzllz _I:_llAlz) — 7 Re (rch) (382)
and
Cz =522 — ASTH (3.83)

Here G, and g, are functions of the device S parameters and I', .
The constant operating power gain circles are obtained by letting I'; =
U, + jV, and substituting into (3.8.2). After some manipulations we obtain

[U gy Re[C3] ]2+[V_ g, Im [C%] T
L 14¢,(08.12—1AP) L 1 +9,(8:.2 = 1AP)
[1 “'ZKISleulgp‘*‘*Slezllz ]1/2 2 (3.8.4)
149,05:21> —1AP) h

Equation (3.8.4) is recognized as a family of circles in the U,:V, plane
(i.e., the Smith chart) with g, as a parameter. The centers of the circles are
located at

U j, Re [CX]
Py g,,(ISzzI2 —|AP)

and

Vo= g, Im [C3]
P 14+g,(8S,,1P =141

The radii of the circles are given by
1= 2K [S8,,8,:19, + 18,2534 lzgf,]”z
a 11+ g,(82:1> —1A1?)]

The distance from the origin of the Smxth chart to the centers of the
circles is given by

R

(3.8.5)

| g,1C3l
d,=/U:+Vi= E
? P P+ 9,087 —1AP)]

Therefore, the centers of the circles C, can be written as
C, = 6,1
149,087 =141

The maximum operating power gain occurs when R, = 0. Therefore,

(3.8.6)




T TR R T

Sec. 3.8 Ope.g and Avail’Power Gain Circles 121

from (3.8.5) we can write
Grmax! 812821 1> — 2K (812831 | gpmax + 1 =0 (3.8.7)

where g, ... is the maximum value of g,. The solution to (3.8.7) for un-
conditional stability is

9p.max = _—i——— (K — vV K? — 1) (3.8.8)

’ Sl 2 S2 1 '
Therefore, substituting (3.8.8) into (3.8.1) gives

Gp,max = ISZII (K RV Kz - 1)

15121

For a given G,, I'; is selected from the constant operating power gain
circles. G, na, results when I'y is selected at the distance where g, ey = G, max/
| S, |°. The maximum output power results when a conjugate match is selected
at the input (i.e, I'; = I'}}). It also follows that when I'; = I'}{§ the input power
is equal to the maximum available input power. Therefore, under these cir-
cumstances the maximum transducer power gain (Gy ..,) and the operating
power gain are equal, and the values of I'; and I'} that result in G, ,, are
identical to I',; and I'y,; , respectively.

The procedure for drawing a constant operating power gain circle in the
Z Smith chart is as follows:

1. For a given G,, the radius and center of the constant operating power
gain circle are given by (3.8.5) and (3.8.6).

2. Select the desired I'; .

3. For the given I'; , maximum output power is obtained with a conjugate
match at the input, namely with I'; = I'ly, where I'jy 1s given by (3.2.5).
This value of I'; produces the transducer power gain Gy = G,,.

Example 3.8.1

Design the amplifier in Example 3.7.1 to have an operating power gain of 9 dB instead
Of Gr oy = Gpmax = 11.38 dB.

Solution. Since

1S,,1> = (2.058)> =4.235 or 6.27dB
then

G, 794
= = = 1. 7
% =15, F ams 8P

From the results in Example 3.7.1, K = 1.504, |A| = 0.3014, and C, = 0.3911
[256.1°. Therefore, the radius and center of the 9-dB operating power gain circle, from
(3.8.5) and (3.8.6), are R, = 0.431 and C, = 0.508 [ 103.9°.

»
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Gy mex = 11.38 dB
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Figure 3.8.1 Operating power gain circle for G, = 9 dB and location of G, ,,, =
11.38 dB.

The graphical construction is shown in Fig. 3.8.1. The 9-dB operating power gain
circle shows all loads that produce G, =9 dB. The load reflection coefficient can be
selected at point 4, namely I'; = 0.36[47.5°. Then the required I, for maximum output

)

power is

S1285x T, I*

I,=T% = [s“ + ——‘-1——2-1-—5] = 0.629175.51°
1 - S22 FL

The location of G, ,,, = 11.38 dB can be found as follows:
G 13.74
= BT = = 3.24
Irmax = 155117~ (2.058)
Rp,max = 0
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and

g p.max C;

Cpuy = =0.718[103.9°
P 1+ gp.max(' Szz |2 - 'A Iz)

At the location of G, ,,,,, we obtain from Fig. 3.8.1 ', .,,, = 0.718103.9°. This value of
'L max is identical to the value I', found in Example 3.7.1. The associated T, for
maximum output power is

- SIZSZIFL.mnx * _ o
r,...=|8,+ = 0.762[171.3
) 1 - 822 rL.max

which is identical to the value of I'),, in Example 3.7.1.

The derivation of the constant available power gain circles is similar to
that of the operating power gain circles. It is simple to show that in the I',
plane the radius R, and center C, of a circle can be calculated using the

relations
G
g, = |SzA|2 (3.8.9)
1 .
C,=8,, — AS%, (3.8.10)
R = [1 —2K|S,3S85119. + 151252, 129212 (3.8.11)
¢ 114+ g8, 17— 1AP)] o
and
*
94 C1 (3.8.12)

C,=
1 + ga(lsulz — IAP)

For a given G,, a constant available power gain circle can be plotted
using (3.8.9) to (3.8.12). All I, on this circle produce the given G,. For the
given G ,, maximum output power is obtained with I'; = I'§yy, where I'gyr is
given by (3.2.6). This value of I'; produces the transducer power gain G, =G .

Since the constant available power gain circles and the constant noise
figure circles are functions of I';, they can be plotted together on the Smith
chart and the trade-offs that result between gain and noise figure can be
analyzed.

Potentially Unstable Bilateral Case

With a potentially unstable transistor the design procedure for a given
G, is as follows:

1. For a given G,, draw the constant operating power gain circle using
(3.8.5) and (3.8.6), and also draw the output stability circle as discussed in
Section 3.3 [i.e., see (3.3.7) and (3.3.8)]. Select a value of I'; that is in the
stable region and not too close to the stability circle.
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Figure 3.8.2 Power and stability circles construction for Example 3.8.2.

ro3”
X

3‘\9‘“
oy <y
LX)

IMNM54355 norssmENVEL 0

03,, 16

29
8,

’,
Og.o

eoRn
A
&%

°

42305 w0113V
$2'0 ”no

Lk

+30

°

2. Calculate I';y using (3.2.5) and detéi‘mine if a conjugate match at the
input is feasible. That is, draw the input stability circle as discussed in
Section 3.3 [i.e, see (3.3.9) and (3.3.10)] and determine if I', = %, lies in

the input stable region.
. If I', = ')} is not in the stable region, or in the stable region but very

close to the input stability circle, the value of I', can be selected arbi-
trarily or a new value of G, selected. Of course, we must be careful when

the VSWR.

selecting I'; arbitrarily since the value of I, affects the output power and

The values of I') and I'; should not be too close to their respective

()1

»T0

€20

L&)
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stability circles, because oscillations might occur when the input and output
circuits are tuned.

Example 3.8.2

The S parameters of a GaAs FET at I, = 50%I pss, Ipss = 10 mA, Vpg= 5V, and
f=8 GHz are

Sy =051 —180°
S12 = 0.08L3£

S;y = 2.5170°
S22 = 0.8| ‘_lmo

Design an amplifier with G, = 10 dB.

Solution. First we must check the stability of the transistor. From (3.3.13) and (3.3.17)
we obtain K =04 and A = 0.223{62.12°. Since K < 1, the GaAs FET is potentially
unstable. The Gy given by (3.6.11) is Gysg = 2.5/0.08 = 31.25 or 14.9 dB.

In order to design for G, = 10 dB (4.9 dB less than the Gygc), the 10-dB oper-
ating power gain circle and the output stability circle must be calculated. The radius
and center of the 10-dB power gain circle, from (3.8.5) and (3.8.6), are R, = 0.473 and
C, = 0.572|97.2°. The radius and center of the output stability circle, from (3.3.7) and
(3.3.8),arer;, =0.34and C, = 1.18{97.2°.

The Smith chart in Fig. 3.8.2 shows the construction of the 10-dB operating
power gain circle and the output stability circle. Since |S;, | < 1, the stable region is the
region outside the output stability circle. 'y is selected on the 10-dB power gain circle
at location A4, namely I';, = 0.1{97° or Z, = 50(0.96 + j0.19) Q.

For a conjugate match at the input, I’ is given by I', = I'§ = 0.52[179.32° and
we must determine if the value of I', is in the stable region. The radius and center of the
input stability circle, from (3.3.9) and (3.3.10), are r, = 1.0 and C, = 1.67[171°, where
the stable region is the region outside the input stability circle. Therefore, T, is a stable
source reflection coefficient.

3.9 DC BIAS NETWORKS

It has been said that the least considered factor in microwave transistor ampli-
fier design is the bias network [3.5]. While considerable effort is spent in
designing for a given gain, noise figure, and bandwidth, little effort is spent in
the dc bias network. The cost per decibel of microwave power gain or noise
figure is high, and the designer cannot sacrifice the amplifier performance by
having a poor dc bias design.

The purpose of a good dc bias design is to select the proper quiescent
point and hold the quiescent point constant over variations in transistor pa-
rameters and temperature. A resistor bias network can be used with good
results over moderate temperature changes. However, an active bias network
is usually preferred for large temperature changes.

In the discussion that follows, we first consider the dc bias design for
BJTs and then the bias design of GaAs FETs.
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BJT Bias Networks

At low frequencies, a bypassed emitter resistor is an important contribu-
tor to the quiescent-point stability. At microwave frequencies, the bypass ca-
pacitor, which is in parallel with the emitter resistor, can produce oscillations
by making the input port unstable at some frequencies. F urthermore, an emit-
ter resistor will degrade the noise performance of the amplifier. Therefore, in
most microwave transistor amplifiers, especially in the gigahertz region, the
emitter lead of the transistor is grounded.

At microwave frequencies the transistor parameters that are affected
most by temperature are Icpo, hpg, and Vy. The conventional reverse current
Icpo (i€, Icpo at low frequencies) doubles every 10°C rise in temperature. That
is,

ICBO.Tz = Icso,r, 272~ Twy10

where Icgor, and Icpo 7, are the values of Icpo at temperatures T, and T,
respectively. The temperature 7T is usually the temperature at which the
manufacturer measures Iz, . This temperature is usually 25°C.

A microwave transistor has a more (ﬁmplicated reverse current flow. The
reverse current flow of a microwave transistor is composed of two compo-
nents; one is the conventional 1.5, and the other is a surface current, I, that
flows across the top of the silicon lattice. The reverse current in a microwave
transistor, which is referred to simply as Icpo, Increases at a rate much slower
than the conventional Ip,. A typical plot of the reverse current versus tem-
perature for a microwave transistors is shown in F ig. 3.9.1. The conventional
Icpo slope is also shown in the figure for comparison.

The base-to-emitter voltage Vg has a negative temperature coefficient,
approximately given by

AVpg _ \%

~ '—2 103_"
AT *Wse

The dc value of the current gain hy; is defined as the value of the
collector-to-base current at a constant value of Vee . That is,
Ic

hns = I}
B |{VcE=CONSTANT

The dc value of h. is typically found to increase linearly with temperature at
the rate of 0.5%/°C. :

In order to find the change in collector current as a function of temper-
ature in a dc bias network, we first find the expression for the collector current
valid for any temperature. Then, observing that the temperature sensitive pa-
rameters are Iy, hpp, and Vi, we can write

Ic =f(ICBO, hFE’ VBE)
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Icgo (nA)}
Conventional I¢cgg
100 |-
Microwave transistor
Ieso
" 4
’I
10
| I ! | 1 L -
-3 -15 5 25 45 65 85 T (°C)

Figure 3.9.1 Typical reverse current versus temperature for a microwave tran-
sistor.

and

Al
Al = —
¢ (AW)

AlcBo=0 A VBE

Al AIC)
-0 Al +{— =0 Ahpg + | —
:';/Zi =?) cso (AhF E) 2{/C3i50= 00 FE (A VBE

Ahrg=0
(3.9.1)
Defining the stability factors as
g = Alc
" Alcgo|avizo
Shee = AA;;I'C— Alcpo=0
FE |AVpBe=0
and
Svee = fé_c Alco=0
BE |Ahpg=0

we can write (3.9.1) in the form
AIC = Si AICBO :"" ShFE AhFE + SVBE AVBE (3.9.2)

For a given dc bias network, the stability factors can be calculated and
(3.9.2) can be used to predict the variations of I with temperature. In a design
procedure, the maximum variation of I in a temperature range can be select-
ed and (3.9.2) can be used to find the required stability factors. In turn, the
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stability factors together with the Q-point location will fix the value of the
resistors in the bias network.

Two grounded-emitter dc bias networks that can be used at microwave
frequencies are shown in Fig. 3.9.2. The network in F ig. 3.9.2b produces lower
values of resistance, and therefore is more compatible with thin- or thick-film
resistor values. ‘

Vee Vee
Rg R
—WWW——¢ MWW

(a) (b)

Figure 3.9.2 (a) Voltage feedback bias network; (b) voltage feedback bias network
with constant-base current source.

Example 3.9.1

Design the dc bias network shown in Fig. 3.9.2b for Vee =10 V and I. = 10 mA.
Assume that Iz, = 0, Vg = 0.7 V, and h;; = 50.

Solution. In this example we follow a procedure that results in good stability factors.
Let the supply voltage V¢ be 20 V. The base current (I ) is

Ic 10x1073
hee 50

IB=

= 200 A

Assuming Vg to be 2 V, we find that

Vas— Ve 2—07

R, = =
B Ip 200 x 10°¢

= 6.5 kQ

Rp, is calculated assuming that I, = 1 mA (iee., I3 = 5I,), namely

Vs 2

R _ =v —
B2 Igs 1x1073

2kQ
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Ry, is obtained from

VCE.— VBB__ 10—'2

Rp, = =
B ppp+ 1 (1+02)x1073

= 6.66 kQ

and R is obtained from

VCC - VCE _ 20 - 10

Rc = = =893 Q
C I+ Igp+1y (10+1+02)x1073 8

The assumption Iz > Iz and Vg = 10% Vc produces good stability factors. It is
left as an exercise to calculate the resulting stability factors.

At the lower microwave frequencies, the dc biasing network shown in
Fig. 3.9.3, with a bypassed emitter resistor can be used. The bypassed emitter
resistor provides excellent stability. For this network it is easy to show that

o= hee(Vin — Vag) (hpg + Dlcpo{Ru + Rg)
Ry + (hpe + 1)Rg Ryy + (heg + DR

) § O Ve
Re
Ry
RFC
RFC y
RFC
S
R2 Re T .._1.1: Ce
' Figure 39.3 A dc bias network with a
"'-.L-' bypassed emitter resistor.
where
Vi = Vec R2
™™ R, +R,
and
R,R,
Ryy

"R, +R,
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The stability factors are
= (hpg + 1(Ryy + Rg)
" Ry + (heg + DR,

Iey Siz | (3.9.3)

S, . &~
hrg
hFE hFE.Z

and
o —hy
Ve —
Ry + (hrg + 1)Rg

In (3.9.3), Ahgg = hpp , — hep and S,, is the value of S;with hpp = hyp 5.

An active dc biasing network is shown in Fig. 3.9.4. A pnp BJT is used to
stabilize the operating point of the microwave transistor. The bypass capaci-
tors C, and C, are typically 0.01-uF disk capacitors. The radio frequency
chokes (RFC) are typically made of two or three turns of No. 36 enameled
wire on 0.1-in. air core. The operation of the net&::ik is as follows. If I, tends
to increase, the current I, increases and the e itter-to-base voltage of Q,
(Ves,1) decreases. The decrease of Ves,1 decreases Ig,, which in turn decreases
Ic; and I, . The decrease in I, and I, produces the desired bias stability.

—0 Ve
Q,: active bias pnp transistor
Q,: microwave transistor
I Rs
<

9 — 0200,
Iy e H l
l\Q C l IC?

Figure 3.9.4 Active bias network for a BJT.

The selection of the dc quiescent point for a BJT depends on the particu-
lar application. For low-noise and low-power applications, the quiescent point
A in Fig. 39.5 is recommended. At A, the BJT operates at low values of
collector current. For low noise and higher power gain, the quiescent point at
B is recommended. For high output power, in class A operation, the quiescent
point at C is recommended. For higher output power and higher efficiency, the
BJT is operated in class AB or B, using the quiescent point at D.
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Ic (mA) 4
Iy = 800 uA
40
- G500 pA
o8B ce e 400 pA
20 -
200 uA
®A o«D -
1 ] ] -
10 20 30 Vee (V)

Figure 3.9.5 Selection of the dc operating point.

GaAs FET Bias Networks

The GaAs FETs can be biased in several ways. Five basic dc network
configurations for GaAs FET amplifiers are shown in Fig. 3.9.6. [3.6]. The dc
bias network in Fig. 3.9.6a requires a bipolar power source, while the networks
in Figs. 3.9.6b to 3.9.6e require a unipolar supply. The column “How” in Fig.
3.9.6 indicates the polarity of the sources, as well as the sequence in which the
voltages must be applied to prevent transient burnout of the GaAs FET device
during turn-on. For example, in the dc bias network in Fig. 3.9.6a, if the drain
is biased positive before the gate, the transistor will operate momentarily
beyond its safe operating region. Therefore, the proper turn-on sequence is:
first apply a negative bias to the gate (i.e, Vg < 0) and then apply the drain
voltage (V, > 0). One method to accomplish the previous turn-on procedure is
to turn both sources at the same time and to include a long RC time constant
network in the V, supply and a short RC time constant network in the
negative supply V.

The bias networks in Figs. 3.9.6d and 3.9.6e use a source resistor. The
source resistor provides automatic transient protection. However, the source
resistor will degrade the noise-figure performance, and the source bypass ca-
pacitor can cause low-frequency oscillations.

The decoupling capacitors shown in Fig. 3.9.6 are sometimes shunted with
zener diodes. The zener diodes provide additional protection against tran-
sients, reverse biasing, and overvoltage.

The dc bias network of a GaAs FET must provide a stable quiescent
point. It is not difficult to show that the negative feedback resistor R, decreases
the effect of variations of I, with respect to temperature and /g5 .

The selection of the dc quiescent point in a GaAs FET depends on the
particular application. Figure 3.9.7 shows typical GaAs FET characteristics
with four quiescent points located at A, B, C, and D.
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T Amplifier Power
Figure How _characteristics supply used
/)
(a)
Low noise Biool
s s ipolar:
Vo Apply Vg, H!gh gain minimum source
Vg then V, High power inductance
High efficiency
{(b)
v I
V: 912?‘ »\'/:5' [same as (a)] Positive supply
{c) 4?4 é—o
VG =-7V Apply Vv .
S
Ve = -5V ? I % 1 then V,, [same as (a)] Negative supply
L v
{d)
Low noise
l : High gain Unipolar,
Vp =7V . incorporating R:
. High power : s
Vg =2V Apply Vp .. automatic
= I..R Lower efficiency .
= Ips Rs h . . transient
== Gain easily adjusted protection
by varying Rq
(e)
Vg = -7V é !
VG = -5V Apply V [same as (d)] Negative unipolar,
S IR PPYY Vo incorporating Ry
= Tipshs .

Figure 3.9.6 Five basic dc bias networks. (From G. D. Vendelin {3.6]; reproduced
with permission of Microwaves & RF.)




Sec. 3.9 D.as Ne'twork. 133

Ip (mA)}
Ipss Vgs =0V
0.9 Ipgs
-1
oC
0.5 Ipgs -2
D
. ] -
0.15 Ipgs 3
' >
10 Vps (V)

Figure 39.7 Typical GaAs FET characteristics and recommended quiescent
points.

For low-noise, low-power application, the quiescent point A is recom-
mended. At A4, the FET operates at a low value of current (i.e., I s = 0.15] p55).

For low noise and higher power gain, the recommended quiescent point
is at B. The bias voltage remains the same as for point 4, but the drain current
is increased to Ips = 0.9] pss .-

The GaAs FET output power level can be increased by selecting the
quiescent point at C with Ipg ~ 0.5I55. The quiescent point at C maintains
class A operation. For higher efficiency, or to operate the GaAs FET in class
AB or B, the drain-to-source current must be decreased and the quiescent
point D is recommended.

An active bias network for a common-source GaAs FET is shown in Fig,
3.9.8.

-0 Vee

Figure 3.9.8 Active bias for a common-source GaAs FET.
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PROBLEMS

3.1. Derive the expressions for G, and G, in (3.2.3) and (3.2.4) using Mason’s rule.

3.2. (a) Show that G; < G, and G < G,. When is the equality sign satisfied?
(b) Show that (3.2.3) can be obtained from (3.2.1) when I', = I'l};, and (3.2.4) from
(3.22) when I', = I'§yr-
3.3. Prove that the maximum unilateral transducer power ’gain in (3.2.12) is obtained
when I', = S¥, and I', = S%,.
3.4. Verify the stability circle equations in (3.3.5) and (3.3.6).
3.5. (a) Show that

AL <|S1 1118221 + |Slzszx|
and
|Sullszzl <|Al+ lsuszl|
Substitute thiese inequalities in (3.3. 13) and verify th\t
(1 —1AD* > (18, 1> = 1522
Therefore, show that
BB, >0
and
B, + B, =21 —|A®)
where B, is given by (3.3.16) and
B, =148, =S >—1AP

(b) Show that the conditions K > 1 and B, > 0 are similar to K > 1 and B, > 0.

(¢) Show that the conditions K > 1 and B; > 0 are similar to the conditions
K>1land|Aj< 1.

(d) Verify that (3.3.14) and (3.3.15) are similar to [A] < 1.

3.6. Prove that the necessary and sufficient conditions for unconditional stability are

given by (3.3.13) to (3.3.15).

3.7. (a) Starting with (3.3.11) and (3.3.12), verify the conditions for unconditional
stability.

(b) The conditions for unconditional stability were analyzed by considering the
values in the I'; and I', plane that result in |I')y| <1 and |T'gyrl < 1. An
alternative approach is to consider the values in the I'ly and I'oyr plane,
where || < 1 and |Toye] < 1, that results in |[I',| < 1 and |I'.| < 1. Using
this approach, show that the plot of the |[I';| = 1 and |I' | = 1 circles in the
'y and Toyr planes have radius given by

181281
ry=—""—
1 —18,,1
and

1515l
LT8R
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and centers given by

135

SIZSZIS;‘I
C,=8p+——=
271 —18,P
and
S12SZIS;2
C,=8; + —m—m=
R T RPN

3.8. In each of the stability circle drawings shown in Fig. P3.8, indicate clearly the
possible locations for a stable source reflection coefficient.

IToyr!=1 - -

K<1,18,1>1,18,1<1
(a)

K <1, 1S5, 1>1,18,51<1
(b)

IT =1

K>1,1A1>1,1S;1<1,1Sp1>1

K>1,141>1,18,;1>1,1Sp1>1
(d)

K>1,181<1,1841<1,1Sx,1<1
>Lial ISul 1521 K>1,141<1,18,1<1,1551<1

(f)

(e)

Figure P3.8
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3.9.
3.10.

3.11.

3.12.
3.13.

Microwave T‘tor Amplifi‘sign Chap. 3

Verify the equation for the constant-gain circles in (3.4.6).

Show that the transducer power gain, when the input and output resistances
to the transistor are Z,, is given by G, = |5, LA

The scattering parameters for three different transistors are given below. Deter-

mine the stability in each case and in a potentially unstable case, draw the input
and output stability circles.

@) 5:, =0674[=152°  (b) §,, =0385[=55° (¢) §,, = 0.7 —50°

S5 =0075[6.2° S;2 = 0.045|90° 8,2 =027]75°
Sy, = 1.74[36.4° Sy = 2.7(78° S,y = 5[120°
S;2 =0.6[—92.6° S, = 0.89[ —26.5° S,, = 0.6(80°

Verify the equations for a simultaneous conjugate match in (3.6.5) and (3.6.6).

(a) Show that | B;/2C;|*> > 1 is similar to K2 > 1, and therefore that | B;/2C;| > 1
is similar to | K| > 1.
Hint: Prove and use the identities

lCI Iz = ISu -AS;‘zlz = ISuSzllz + (1 - ISZZIZ)(ISHIZ - 'AIZ)

’

and
IC, 12 =18,, — ASY |2 = [S128, 12+ (1 — [S11°MS,50% — 1A%

| (b) Analyze the solutions to (3.6.5) and (3.6.6) when | K | > 1 with K negative.

3.14.
3.15.

3.16.
3.17.
3.18.

3.19.

Verify the equation for G .., in (3.6.10). ~_ 7

Show that the unconditionally stable criteria [A] <1 implies that B, and B, in
(3.6.7) and (3.6.8) are greater than zero.

Show that for small §,,, " ms and I'y,; are close to §%, and 832, respectively.
Verify the equation for the constant operating power gain circle in (3.8.4).

(a) Design a microwave transistor amplifier for Gy ., using a BJT whose §
parameters in a 50-Q system at Vee =10V, 1. =20 mA, and f = | GHz are

S1y = 0706 — 160°
S;,=0

S, = 5.01(85°

S, = 0.508| —20°

(b) Draw the constant-gain circles for G, = 2,1,0, and —1 dB.
The scattering parameters of a GaAs FET in a 50- system are

Sy =23 —135°

Si2= -
521 =4|ﬂ
822 == O.8| _'600

(a) Determine the unstable region in the Smith chart and construct the constant-

gain circle for G, = 4 dB.

(b) Design the input matching network for G, = 4 dB with the greatest degree of
stability.

(c) Draw the complete ac amplifier schematic.

S
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3.20.

3.21.

3.22.

3.23.

3.24.

3.25.

3.26.

Design a microwave transistor amplifier for Gy, using a BJT whose § parame-
ters in a 50-Q system at Vg = 10V, I = 4 mA, and f = 750 MHz are

S,, = 0277 =59°
S,, = 0.078(93°
S,, = 1.92[64°
S,, = 0.848 =31°

(This problem is based on a design given in Ref. [3.7]).

Design a microwave transistor amplifier at f= 750 MHz to have G, = 10 dB
using the BJT in Problem 3.20. Also, determine the reflection coefficients for

G, max and show that they are identical to I'y, and I'y,, in Problem 3.20.
At 2 GHz, a GaAs FET has the following S parameters:
. S, =07 =65
S,, = 0.03[60°
S, = 3.2{110°
S;, =081 —=30"

Determine the stability and design an amplifier with G, = 10 dB.
(a) Show that the available power gain can be expressed in the form
_ 1S5, 21 — IT, %)

1— |87 + T, 1208, > =141 — 2Re (C,T)

G,

(b) Verify the constant available power gain circle equations in (3.8.9) to (3.8.12).

(c) Discuss the design procedure for a given G, in a potentially unstable bilateral
case.

(a) Derive the stability factors for the dc bias networks in Fig. 3.9.2.

(b) Calculate the stability factors for the dc bias network in Example 3.9.1. If hgg
changes from 50 to 150, what happens to the quiescent point?

Design the dc bias network shown in Fig. 3.9.3 for Vo =6 V, Ic = 1 mA, and

S; = 5. Assume that hyp = 100, and Icgo = 1 A at 25°C. Calculate the resulting

stability factors and find what happens to the operating point if the temperature

increases to 75°C.

(a) In the network shown in Fig. 3.9.4, derive the expression for I as a function
of the network parameters.

(b) If R, =100 kQ, R, = 200 kQ (potentiometer), R, = 5 kQ (potentiometer),
and R, = 2.6 kQ, find the typical operating point of Q,.
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NOISE, BROADBAND,
AND HIGH-POWER
DESIGN METHODS

4.1 INTRODUCTION

In Chapter 3, design methods for given stability and gain criteria were dis-
cussed. This chapter presents the basic principles involved in the design of
low-noise, broadband, and high-power transistor amplifiers.

In some applications the design objective is for a minimum noise figure.
Since a minimum noise figure and maximum power. gain cannot be obtained
simultaneously, constant noise figure circles, together with constant available
power gain circles, can be drawn on the Smith chart, and reflection coefficients
can be selected that compromise between the noise figure and gain per-
formance. The trade-offs that result from noise considerations, stability, and
gain are discussed in this chapter.

The noise performance of the GaAs FET is superior to that of the BJT
above 4 GHz. A minimum noise figure in both BJTs and GaAs FETs is
obtained at low collector or drain current,

The design philosophy in a broadband amplifier is to obtain flat gain
over the prescribed range of frequencies. This can be obtained by the use of
compensated matching networks, negative feedback, or balance amplifiers.

The small-signal S parameters can be used in the design of microwave
transistor amplifiers with linear power output (i.e., class A operation). How-
ever, the small-signal S parameters are not useful in the design of large-output
power amplifiers. In this case, large-signal impedance or reflection coefficient
data as a function of output power and gain are needed.
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4.2 NOISE IN TWO-PORT NETWORKS

In a microwave amplifier, even when there is no input signal, a small output
voltage can be measured. We refer to this small output power as the amplifier
noise power. The total noise output power is composed of the amplified noise
input power plus the noise output power produced by the amplifier.

The model of a noisy two-port microwave amplifier is shown in Fig.
4.2.1. The noise input power can be modeled by a noisy resistor that produces
thermal or Johnson noise. This noise is produced by the random fluctuations
of the electrons due to thermal agitation. The rms value of the noise voltage
Vv, produced by the noisy resistor Ry, over a frequency range fy; — f; , is given

by
Vy = /4kTBR, 4.2.1)

where k is Boltzmann’s constant (i.e., k = 1.374 x 10723 J/°K), T is the resistor
noise temperature, and B is the noise bandwidth (ie, B=fy —f}).

N RNoise!ess N
< oisy Z oisy bd
% Ry two-port L + two-port L
Vi
Vy = V4 kTBRy,

Figure 4.2.1 Model of a noisy microwave amplifier.

Equation (4.2.1) shows that the thermal noise power depends on the
bandwidth and not on a given center frequency. Such a distribution of noise is
called white noise.

The maximum available noise power from Ry is

2

Vi
Py=-—-=kT 4.2.
"=1R, kTB (4.2.2)

Example 4.2.1

Calculate the noise voltage and maximum available noise power produced by a 2-MQ
resistor at a standard temperature (T = 290°K) in a 5-kHz bandwid)h.

Solution. Using (4.2.1) and (4.2.2), the noise voltage and maximum available noise
power are

Vv = /4(1.374 x 107 33)290)5 x 10°)2 x 10%) = 12.6 uv
and

(12.6 x 1076)?
Py= .
42 x 109

=199 x 10"1* W



Two-Port ‘lorks

The noise figure (F) describes quantitatively the performance of a noisy
microwave amplifier. The noise figure of a microwave amplifier is defined as
the ratio of the total available noise power at the output of the amplifier to the
available noise power at the output due to thermal noise from R, . The noise
figure can be expressed in the form

Sec. 4.2 No 141

P
F=_..___A.,.‘Z__

4.2,
PG, (423)

where Py_is the total available noise power at the output of the amplifier,
Py, = kTB is the available noise power due to Ry in a bandwidth B, and G is
the available power gain.

Since G, can be expressed in the form

— PS°

G, =

where Pg_ is the available signal power at the output and Pg, is the available
signal power at the input, then (4.2.3) can be written as

_ PS,’/PN,‘

F=
Ps,/Py,

In other words, F can also be defined as the ratio of the available signal-to-
noise power ratio at the input to the available signal-to-noise power ratio at
the output. A minimum noise figure is obtained by properly selecting the
source reflection coefficient of the amplifier.

A model for the calculation of the noise figure of a two-stage amplifier is
shown in Fig. 4.2.2. Py.is the available input noise power, G, and G ,, are the
available power gains of each stage, and P,, and P,, represent the noise power
appearing at the output of amplifiers 1 and 2, respectively, due to the internal
amplifier noise.

The total available noise power at the output (Py, ror) Is given by

Amplifier 1 Amplifier 2
—_—
Py. =k +
RN% N; = kTB Gy GarPn, *+ Py G 4y PngToT |20
< g ——
Pnl Pn2

Figure 4.2.2 Noise figure model of a two-stage amplifier.

Py tor = G42(G 4 Py, + Poy) + Py,
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Therefore, from (4.2.3) the noise figure of the two-stage amplifier is given by

Fo—tautor _ ;. Pu 4 Fn2
PN.' GA! GAZ PN; GAI PN:GAI GAZ
or
F,—1
F = Fl -+ 2 (4.2.4)
G4
where
P
F, =1+ —"
: M PN,' GAI
and
P,,
F, =1 —ne
2 * PN;GAZ

F, and F, are recognized as the individual noise figures of the first and second
stages, respectively.

Equation (4.2.4) shows that the noise figure of the second stage is re-
duced by G ,,. Therefore, the noise contribution from the second stage is small
if G4, is large, and can be significant if the gain G, is low. It is not always
important to minimize the first-stage noise if the gain reduction is too large. In
fact, we can select a higher gain, even if F, is higher than the minimum noise
figure of the first stage, such that a low value of F is obtained. In a design, a
trade-off between gain and noise figure is usually made.

4.3 CONSTANT NOISE FIGURE CIRCLES
The noise figure of a two-port amplifier is given by [4.1]
F = Fopt 21— X, (43.1)

where r, is the equivalent normalized noise resistance of the two-port (i.e.,
r» = Ry/[Z,), Y, = g, + jb, represents the source admittance, and Y, = g, + jb,
represents that source admittance which results in the minimum noise figure,
called F ;.

We can express Y, and Y, in terms of the reflection coefficients I', and I, ,
namely

-T
-1 @4.3.2)

Y =
* 14T,




Sec. 4.3 Cor&xt Noise Figu‘ircles 143

and
1-T
Y, = 2 3.
° 14T, (43.3)
Substituting (4.3.2) and (4.3.3) into (4.3.1) results in the relation
_ 2
FeF . +—lls Il (4.3.4)

(=TI + T,

Equation (4.3.4) depends on F;,, r,, and I',. These quantities are known as
the noise parameters and are given by the manufacturer of the transistor or can
be determined experimentally. The source reflection coefficient can be varied
until 2 minimum noise figure is read in a noise figure meter. The value of F;,,
which occurs when I',=T,, can be read from the meter, and the source
reflection coefficient that produces F;, can be determined accurately using a
network analyzer. The noise resistance r, can be measured by reading the
noise figure when I', = 0, called F .. Then, using (4.3.4) we obtain

|1 +T,|?

rn=(Fl',=0—Fmin) 4|F |2

F_.. is a function of the device operating current and frequency, and
there is one value of I', associated with each F,;,. A typical plot of F;, versus
current for a BJT is illustrated in Fig. 4.3.1.

Frin (dB) )

min

| 1 ! 1 | | | 1 -
1 2 3 4 5 6 7 8 I (mA)

Figure 4.3.1 Typical F,;, versus collector current measured at ¥z =10 V and
f=4GHz.

Equation (4.3.4) can be used to design I, for a given noise figure. For a
given noise figure F;, we define a noise figure parameter, called N,, as
_‘rs_rolz__Fi"—F
T 1— |2 4,

N, min 11 + T, |2 (4.3.5)

Equation (4.3.5) can be written as
([, — T )I*—T¥=N,— N,|L,*
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or
)Fslz(l + N)+IT,I>—2Re (I, I*) =N,
If we now multiply both sides by 1 + N,, we obtain
IT (1 + N)* + T, =21 + N) Re (I,T¥) = N? + N(1 — |, |?)
or

* NI+ N(1-1T,P7
B (1 + N,)?

‘ L (4.3.6)

. —
* 14N,

Equation (4.3.6) is recognized as a family of circles with N, as a parame-
ter. The circles are centered at

Cp = ot (4.3.7)

with radii

!
Ry, =
T+ N,

JNZ+ N =L (4.3.8)

Equations (4.3.5), (4.3.7), and (4.3.8) show that when F,=F_, , then
N;=0, Cp. =T,, and Ry =0. That is. the center of the Foia circle is
located at I', with zero radius. From (43.7), the centers of the other noise
figure circles are located along the I', vector.

A typical set of constant noise figure circles is shown in Fig. 4.3.2. This
set of curves show that F_, = 3 dB is obtained when [''=T,=0.581138° and
at point 4, I'; = 0.38 [ 119° produces F, = 4 dB.

In a design there is always a difference between the designed noise figure
and the measured noise figure of the final amplifier. This occurs because of the
loss associated with the matching elements and the transistor noise figure
variations from unit to unit. Typically, the noise figure difference can be from a
fraction of a decibel to 1 dB in a narrowband design.

In the unilateral case, a set of G, constant-gain circles can be drawn in
the Smith chart containing the noise figure circles. A typical plot for a GaAs
FET is illustrated in Fig. 4.3.3. This plot shows the trade-offs that can be made
between gain and noise figure in a design. Maximum gain and minimum noise
figure cannot, in general, be obtained simultaneously. In Fig. 4.3.3, the maxi-
mum G, gain of 3 dB, obtained with I', = .7/ 110°, results in a noise figure of
F;~ 4 dB; and the minimum noise figure F,_, = 0.8 dB, obtained with I, =
0.6 [40°, results in a gain G, ~ —1 dB.
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Figure 4.3.2 Typical constant noise figure circles in the I'; plane.

Example 4.3.1

The scattering and noise parameters of a BJT measured at a bias point for low-noise
operation (Vg = 10 V, I = 4 mA) at f = 4 GHz are

S,, = 0.552(169°
S,, = 0.04923°
S,, = 1.681[26°
S,, = 0839 —67°
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Figure 4.3.3 Noise figure circles (solid curves) and G, constant-gain circles (dashed
curves). The transistor is a GaAs FET with V=4 V, I, =12 mA, and f=
6 GHz.

and
F,., =2.5dB
T, = 0.475[166°
RN = 3.5 Q

Design a microwave transistor amplifier to have a minimum noise figure. (This example
is based on a design from Hewlett-Packard Application Note 967 [4.2].)
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Solution. The transistor is unconditionally stable at 4 GHz. A minimum noise figure
of 2.5 dB is obtained with I', = I', = 0.475[166°. The constant noise figure circles in
Fig. 4.3.4 for F;=2.5 to 3 dB were calculated using (4.3.5), (4.3.7), and (4.3.8). For
example, the F; = 2.8-dB circle was obtained as follows:

1.905 — 1.778

N;= 1 + 0.475(166°|> = 0.1378

=350 T "= 013

0.475|166°
= —— = 0.417|166°

Fi” 1401378 04171186

and
1

Ry J(01378)7 + 0.1378[1 — (0.475)*] = 0.312

‘71 40.1378

Figure 4.3.4 shows that for this transistor Fy;, is not very sensitive to small
variations in I', around TI,. In fact, the 2.6-dB constant-noise circle (i.e., a 0.1-dB
increase in noise figure) results when I'; changes in magnitude by 0.2 from its value at
r,.

7.'7 { contours
2.1 (dB)

Figure 434 Constant noise figure cir-
cles and available power gain circles.
(From Ref. [4.2]; courtesy of Hewlett-
Packard.)

The load reflection coefficient is selected to provide maximum gain for the lowest
noise figure (e, with I'; =T,) and, of course, for optimum VSWR at the output.
Therefore,

Sl2sllro *
22 2121 =0.844|704°
1 - Sllro

and the resulting gains are G; = G, = 11dBand G, = 12.7 dB.

The amplifier was designed, built, and tested by Hewlett-Packard [4.2]. The ac
amplifier schematic is shown in Fig. 4.3.5. The input matching network was designed
with a short-circuited stub and a quarter-wave transformer with Z, = 31.1 Q. The
output matching network was designed with a 0.61-cm microstrip line to provide
soldering area, followed by a A/8 short-circuited stub to tune out most of the suscep-
tance component of Y; = 1/Z,. Then, another series microstrip line followed by an

rL=<Szz+
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I, =T, =0.475 ; 166°

1=0.61cm {=135cm 1=0,19 em
1=1.88cm 4 Z,=50Q 2,=80% Z,=809Q
~0—Z, = 31.1 Q}—g—0—
3 50 Q
2500 - 5l o 5l
ElS - -« 3|8 <
<t : Y # o .
+ |8 ol n =
| © N °
V. (~ RE ~ TN
$ 4] o
~IN J-

Yy

Figure 4.3.5 Amplifier schematic. The microstrip lengths are given for ¢ ;=1 at
/=4 GHz. (From Ref. [4.2]; courtesy of Hewlett-Packard.)

open stub that provides some tuning capabilities was used. A final series microstrip line
was used to obtain the match to 50 Q.

Of course, the output matching network could have been designed differently.
The form selected (see Fig. 4.3.5) provides flexibility for tuning by adjusting the lengths
of the series lines (i.e., the | = 1.35-cm and [ = 0.19-cm lines), by changing the width (i.e.,
the characteristic impedance) of the open-circuited stub and by modifying the lengths of
the short-circuited stub.

The complete amplifier schematic and the microstrip board layout are shown in
Fig. 4.3.6. The board material is Duroid (e, = 2.23, h = 0.031 in.).

The measured characteristics of the amplifier are shown in Fig. 4.3.7. Figure 4.3.7
shows that the amplifier performance is very good in the frequency range 3.7 to 4.2
GHz. The 3-dB bandwidth (see F ig. 4.3.7¢) is 850 MHz, which corresponds to a 21%
bandwidth.

It i1s easy to show that for this BJT, K = 1.012, A =0419{111.04°, Gy pmay =
Gymax = 14.7 dB, Ty, =0.941|—154°, and Iy =0.979170°. Since the available
power gain with I', =T, is G, = ! dB, a sacrifice in gain was needed to obtain
optimum noise performance.

Example 4.3.2

The scattering and noise parameters of a GaAs FET measured at three different opti-
mum bias settings at f = 6 GHz are:

Minimum Noise Figure (Vps = 3.5 V, Ips = 15%1 pgs):

Sll =0.674l—'1520 Fmin=2'2 dB

S,, = 0.0756.2° T, = 0.575[138°
S,y = 1.74]36.4° Ry =6.64 Q

S;2 = 0.6] —92.6°
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Figure 4.3.6 (a) Complete amplifier schematic; (b) microstrip board layout. (From
Ref. [4.2]; courtesy of Hewlett-Packard.)
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Figure 43.7 Measured amplifier characteristics: (a) noise and gain performance
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(b) input-output VSWR performance; (c) power output performance; {d) temper-

ature performance at 4 GHz; (e¢) wideband gain performance. (From Ref. [4.2];
courtesy of Hewlett-Packard.)

Linear Power Output (Vs = 4 V, I 55 = 50%I pgs):

Sty

=0641{—171.3° F,, =29dB
Sz = 0.05716.3° T, = 0.542|141°
Sy, = 2.058(28.5° Ry=942Q

Sy, = 0572 =95.7°
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Figure 4.3.7 (continued)

Maximum Gain (Vps = 4 V, I s = 100%]1 pgg):

S,y = 0614 —167.4°
Sy, = 0.04665°

Sy, = 2.187|32.4°
S,, = 0.716 | —83°

Design a microwave transistor amplifier to have good ac performance. (This example is
based on a design from Hewlett-Packard Application Note 970 [4.3])

Solution. - There are four ac performances that must be considered : noise figure, power
gain, power output, and input and output VSWR. The linear power-output bias point
(Vos =4V, Ips = 50%1 ,55) provides a good compromise between the minimum noise
figure and maximum gain. At this bias point Fig. 4.3.8 gives the noise, gain, and power
parameters. The output power performance, measured at the 1-dB compression point,
was experimentally measured and it is given in the figure. (See Section 4.7 for the
definition of the 1-dB compression point.) The data for the output power were taken
with an input power drive of 8.3 dBm. -
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Noise Gain Power
Parameters Parameters Parameters
I, =0.542{141° Iy, =0.762[177.3° Ips = 0.729 [ 166°
I', =0575[104.5° Iy, =0.718]103.9° I'p, =0.489]101°
Fpin = 2.9 dB F=444 dB F=13.69dB
G,=933dB G4 max = 11.38 dB G,=82dB
P4 =9.3dBm P,4p = 13.4 dBm P 4p = 15.5 dBm

Figure 4.3.8 Noise, gain, and power parameters at the linear power output bias
(VDS - 4 V, ID - SOO/OIDss)-

The input VSWR with ', =I"y,, is 1, and the VSWR = 3.82 with [';=T,. In
order to calculate the VSWR, we obtained |I',| (see Fig. 4.3.10a) and used (1.3.11),
namely
1+ 1,1
1 —]T,]

Other relations for calculating | I, | are given in Problem 4.6.

VSWR =

90°

-180°
-90°

Iy Input | Output

T, Mag./Ang. Mag./Ang. F (dB) | G, (dB) | VSWR VSWR
r, — 0.542 ;141° 0.575 ,104° 2.90 9.33 3.82:1 1.00:1
0.572 ;/1562° 0.601 £105° 2.97 10.04 2.91:1 1.00:1

0.614 ;160° 0.627 4 106° 3.14 10.55 2.28:1 1.00:1

0.678 £169° 0.667 £105° 3.57 11.10 1.61:1 1.00:1

Cpe — 0.762 £ 177° 0.718 /104° 4.44 11.38 1.00:1 1.00:1

Figure 4.3.9 Trade-offs between noise figure, power gain, and VSWR. (From Ref.
[4.3]; courtesy of Hewlett-Packard.)
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Figure 4.3.9 shows the noise figure, G, and input and output VSWR as the
reflection coefficient is varied from I', to Iy, along a straight line, in the Smith chart.
Figure 4.3.9 shows that a good compromise between noise figure, G,, and VSWR is to
use I'; = 0.614|160° and I'; =/0.627106°. The noise figure is increased by 0.24 dB
from the minimum noise, but’ G, is increased by 1.22 dB and the input VSWR is
improved by 40% (i.e., VSWR = 2.28). The ac schematic of the amplifier for the select-
ed values of I'; and I'; is shown in Fig. 4.3.10a and the microstrip board layout is
shown in Fig. 4.3.10b. The board material is Duroid (¢, = 2.23, h = 0.031 in.). The
measured characteristics of the amplifier are shown in Fig. 4.3.11.

In the last two examples the transistors were unconditionally stable. In a
potentially unstable situation, we must check that the optimum noise reflec-
tion coefficient I', = I', is in the stable region of the source stability circle.
Once I is selected, I'y is selected for maximum gain (ie., I', = I'%,,), and
again we must check that the value of I', is in the stable region of the load
stability circle.
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! .25 ¢cm e € o g 50
wn (] . 4
0 0 = S Y
& o - Z
1] - =
° u
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Q, = HFET-1101 Q, = HFET-1101
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ohanson ohanson
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R'Ei ;‘. Rs )Elnz
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| R, =3B3kQ, 1/4W
Q; F(2 = 100 k§2, 1 W, potentiometer b
9 Ry = 5 k2. 1 W, potentiometer R, = +10 V dc
¢ Zr R Ry =1k0, 1/4W
17° ¢ Rg = 10k, 1/4 W
Rg = 1MQ, 1/4W
Rg C, =0.,005 uF, 250 V, disc
Rs Q, = 2N2904
-5 Vdc

(b)

Figure 4.3.10 (a) The ac schematic of the amplifier with ., = 1; (b) microstrip
layout with two different dc bias networks. (From Ref. [4.3]; courtesy of Hewlett-
Packard.)



154 Noise, Broadband, and High‘er Design "”ds  Chap. 4

Brr—TTT1rrT1T T T 777 b r——T—T T T T T T T T
[ — - —
12 | B @ 34 .
o z
E aad -— 2 — —
£ = — > - —
© =
Q - — @ | —
" 2 33} -
10 { [ Lttt 4 1} 3.2 ) IS NS SO AN S SN SO U SN N |
5.9 6.0 6.1 6.2 6.3 6.4 59 6.0 6.1 6.2 6.3 6.4
Frequency (GHz) Frequency (GHz)
(a) {b)
O0r—T—TTT T T T T T 20 1 T T T T 1
B . 3d8 bandwidth»xi 980 MHz |
= 10} |
20+
— )
o T
c% B c O
[+
i~ (V)
1.0+
. . -10
VSIS S NN DU NN VORI NN O S | -20 i | j ] ! ] i
5.9 6.0 6.1 6.2 6.3 6.4 4.0 5.0 6.0 7.0 8.0
Frequency (GHz) Frequency (GHz)
{c) {d}

Figure 4.3.11 Measured characteristics of the amplifier: (a) gain performance; (b)
noise performance; (c) input-output VSWR performance; (d) wideband gain per-
formance. (From Ref. [4.3]: courtesy of Hewlett-Packard.

4.4 BROADBAND AMPLIFIER DESIGN

The design of broadband amplifiers introduces new difficulties which require
careful considerations. Basically, the design of a constant-gain amplifier over a
broad frequency range is a matter of properly designing the matching net-
works, or the feedback network, in order to compensate for the variations of
| S, | with frequency. The design specifications might require the use of rather
sophisticated synthesis procedures in the design of the matching networks.

Some of the difficulties encountered in the design of a broadband ampli-
fier are:
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1. The variations of |S,,| and |S;,| with frequency. Typically, |S,, | de-
creases with frequency at the rate of 6 dB/octave and | S, , | increases with
frequency at the same rate. Typical variations of |S,,|, |S,,|, and
|S128,,| with frequency are illustrated in Fig. 1.9.7. The variations of
|S128,; | with frequency is important since the stability of the circuit
depends on this quantity. It is in the flat region that we have to check the
amplifier stability.

2. The scattering parameters S,, and S,, are also frequency dependent and
their variations are significant over a broad range of frequencies.

3. There is a degradation of the noise figure and VSWR in some frequency
range of the broadband amplifier.

Two techniques that are commonly used to design broadband amplifiers
are (1) the use of compensated matching networks and (2) the use of negative
feedback.

The technique of compensated matching networks involves mismatching
the input and output matching networks to compensate for the changes with
frequency of | S,, |. The matching networks are designed to give the best input
and output VSWR. However, because of the broad bandwidth the VSWR will
be optimum around certain frequencies, and a balanced amplifier design may
be required. ,

The design of compensated matching networks can be done in analytical
form with the help of the Smith chart. However, the use of a computer is
usually required because of the complex analytical procedures. Of course, the
use of a proper analytical procedure produces a starting design which can be
optimized using computer-aided design (CAD) methods.

The matching networks can also be designed using network synthesis
techniques. Passive network synthesis for the design of networks using lumped
elements is well developed, and the techniques to implement the filter with
microwave components are also well known [4.4, 4.5]. The microwave filters,
typically, operate between two different impedances and must provide a pre-
scribed insertion loss and bandwidth.

Insertion-loss synthesis techniques can be used to design impedance
matching networks with prescribed responses. The synthesis process is a
powerful tool when used in a CAD program. A good commercially available
program is AMPSYN [4.6]. AMPSYN is a user-oriented interactive program
for obtaining impedance matching networks with a desired frequency charac-
teristic. AMPSYN synthesizes lumped elements matching networks and pro-
vides for transformations of the lumped design to approximate transmission-
line equivalents.

An interesting method for broadband amplifier design suitable to CAD
has been developed by Mellor [4.7]. The broadband design involves the use of
an interstage matching network. The amplifier schematic is shown in Fig. 4.4.1.

Transistors 0, and Q, have a gain that decreases with increasing fre-
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Q, Q,
ZS
Input ' Interstage Output
+ matching matching matching Z
. network network network
V, (O

Figure 4.4.1 Broadband amplifier schematic.

quency. The specifications for a good input and output match will require that
the input and output matching networks have a constant gain over the fre-
quency range of the amplifier (i.e., a flat frequency response). The interstage
matching network must provide a gain having a positive slope with increasing
frequency to compensate for the transistor roll-off and, therefore, to give an
overall flat frequency response. The synthesis approach involves modeling the
transistors with lumped elements and using an insertion-loss method to obtain
the matching networks. The design of a broadband amplifier for a specific gain
and noise figure requires, in general, the use of CAD techniques.

Example 4.4.1

The S parameters of a BJT are given in Fig. 4.4.2. Design a broadband amplifier with a
transducer power gain of 10 dB in the frequency range 300 to 700 MHz. (This example
is based on a design from Hewlett-Packard Application Note 95-1 [4.8].)

J (MHz) S Sa S22

300 03] —45° 447(40°  086|—5°
450 0271—=70°  3.16{35°  0.855|—14°
700 02| —95° 2.0(30° 0.85] —22°

Figure 4.4.2 Scattering parameters of a BJT.

Solution. The values in Fig. 4.4.2 show that

|S,,]>=13dB at 300 MHz
=10dB at 450 MHz
= 6dB at 700 MH:z

Therefore, in order to compensate for the variations of |S,, |, the matching networks
must decrease the gain by 3 dB at 300 MHz, 0 dB at 450 MHz, and increase the gain
by 4 dB at 700 MHz.
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For this transistor
(0.409 dB at 300 MHz

1

s,max 'i—'l‘é——‘li =< 0.329dB at 450 MHz
- 11

G

|0.177dB at 700 MHz

and little is to be gained by matching the source. Therefore, only the output matching
network needs to be designed. Observe that |S,,| =~ 0.85 over the frequency range.
Therefore,

1
GL max TRTINE 5.6 dB
and the gain of 4 dB from G, at 700 MHz is possible.

The output matching network is designed by plotting the constant-gain circles
for G, = —3 dB at 300 MHz, G, = 0 dB at 450 MHz, and G, = 4 dB at 700 MHz (see
Fig. 4.4.3). The matching networks must transform the 50-Q load to some point on the
—3-dB circle at 300 MHz, to some point on the 0-dB circle at 450 MHz, and to some
point on the 4-dB gain circle at 700 MHz. Of course, there are many matching net-
works that can perform the required transformation. The matching network selected is
an ell network consisting of a shunt and series inductor combination (see Fig. 4.4.4).

The shunt inductor susceptance decreases with frequency and transforms the
50-Q load along the constant-conductance circle as shown in Fig. 44.3. The series
inductor reactance increases with frequency and transforms the parallel combination of
50 Q and shunt inductance along a constant-resistance circle as shown in Fig. 4.4.3.
Optimizing the values of L, and L, is a trial-and-error procedure. The graphical
construction is illustrated in Fig. 4.4.3 and the final ac schematic of the amplifier is
shown in Fig. 4.4.4.

The value of L, is obtained at 300 MHz (i.e, the lowest frequency), from Fig.
443, as

50
—_—= —jl.2
JoL,
or
L,=221nH

and the value of L, is obtained at 700 MHz (i.e., the highest frequency), from Fig. 4.4.3,
as

joL, .
= j(3.2 — 04
50 J( )
or
L,=318nH

At the input, the direct connection of the 50-Q source resistor to the base of the
transistor results in G,=0 dB and an input VSWR smaller than 1.86 [ie,
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5 G, = 4dB X
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s’éy X G = 0dB QN egy =
AR % 5 (450 MHz) 0 AT KARPL A T
E) ", S, : ‘. o
:..v ) > X 4 S -, +~
3 =

0.0

PG, = —3dB K
(300 MHz)

G constant-gain circles
calculations

F (MHz) Center Radius

300 0.3t - 068
450 0.49 0.49
700 0.76 0.2

Figure 4.4.3 Broadband design in the Smith chart.

(1 +0.3)/(1 — 0.3) = 1.86]. The VSWR can be improved by matching the 50-Q source
to S,, over the frequency band. The corresponding improvement in gain is small since
Gy max = 0.409 dB at f = 300 MHz.

The design of compensated matching networks to obtain gain flatness
results in impedance mismatching that can significantly degrade the input and
output VSWR. The use of balanced amplifiers is a practical method for ob-
taining a broadband amplifier with flat gain and good input and output
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_L Figure 444 The ac schematic of the
- broadband amplifier.

VSWR. The most popular arrangement of a balanced amplifier, shown in Fig.
4.4.5, uses two 3-dB hybrid couplers. A microstrip realization, shown in Fig.
4.4.6, uses an interdigitated structure which is known as the 3-dB Lange coup-
ler [4.9].

Matching networks

5

50 Q
Amplifier A =
- : : Output
L — 4
Coupler
Ampl?fier B

Figure 4.4.5 Balanced amplifier configuration.

The input 3-dB coupler divides the input power equally between ports 2
and 3, and the output 3-dB coupler recombines the output signals from the
amplifiers. The reflected signals at the input and output due to mismatching
are coupled to the 50-Q loads. It can be shown that the S parameters of the
A/4, 3-dB Lange coupler are given by

|S111=10.518yy, — S11,1
[S211= 0583, + S23,1
‘ |S12 = 0-5!512. + S1z,,'
[S22] = 0-51522., - Szzb‘

If the two amplifiers are identical, then S;; =0 and S,, = 0 and the gain §,,
(and also S,,) is equal to the gain of one side of the coupler. The bandwidth of
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2

Figure 446 A 3-dB Lange coupler.
(From J. Lange [4.9]; copyright 1969,
IEEE; reproduced with permission of
IEEE))

the balanced amplifier is limited by the bandwidth of the coupler (about 2
octaves).
The advantages of the balanced amplifier configuration are many:

1. The individual amplifiers can be designed for flat gain, noise figure, and
so on (even if the individual amplifier VSWR is high), with the balanced
amplifier input and output VSWR dependent on the coupler (i.e., ideally
the VSWR is 1 if the amplifiers are identical).

2. A high degree of stability.

The output power is twice that obtained from the single amplifier.

4. If one of the amplifiers fails, the balanced amplifier unit will still operate
with reduced gain.

5. Balanced amplifier units are €asy to cascade with other units, since each
unit is isolated by the coupler.

had

The disadvantages of the balanced amplifier configuration are that the
unit uses two amplifiers, consumes more dc power, and is larger.

Negative feedback can be used in broadband amplifiers to provide a flat
gain response and to reduce the input and output VSWR. It also controls the
amplifier performance due to variations in the S parameters from transistor to
transistor. As the bandwidth requirements of the amplifier approach a decade
of frequency, gain compensation based on matching networks only is very
difficult, and negative feedback techniques are used. In fact, a microwave
transistor amplifier using negative feedback can be designed to have very wide
bandwidths (greater than 2 decades) with small gain variations (tenths of a
decibel). On the minus side, negative feedback will degrade the noise figure
and reduce the maximum power gain available from a transistor.

The most common methods of applying negative feedback are by the
series and shunt resistor feedback configurations shown in Fig. 4.4.7. The
coupling capacitors and the dc bias network have been omitted.

The following simple analysis illustrates the use of negative feedback.
The BJT and GaAs FET can be represented by the equivalent circuit shown in
Fig. 4.4.8 when the parasitic elements can be neglected (i.e., at low frequencies).
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(a) (b)

(c) (d)

Figure 4.4.7 (a) BJT with series feedback resistor; (b) BJT with shunt feedback
resistor; (c) GaAs FET with series feedback resistor; (d) GaAs FET with shunt
feedback resistor.

The resulting negative-feedback equivalent networks, including both series and

shunt feedback, are shown in Fig. 4.4.9.
The admittance matrix for the network shown in Fig. 449b can be

written in the form

B C ¢ oo D
+ +
Vp'e To'e lgm Vb'e Vgs lgm as

£ O~ —t —O E SO > —0 S

(a) (b)

Figure 4.4.8 (a) BJT equivalent network; (b) GaAs FET equivalent network.
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i1 R 12
—_— 2 —~—
B O~ ' AW -0 C .
+ + h R, 2
+ G ‘Nv‘v %) D
Yo'e 3 Mo'e 9m Vo'e + +
- +
vgs 9m vgs
VI . E v2 -
Vi S Va
O < -0 O < =’
(a) (b)

Figure 4.4.9 (a) BJT negative-feedback model; (b) GaAs FET negative-feedback
model.

and a similar matrix can be written for Fig. 4.4.9a. Using Fig. 1.8.1 to convert
from y parameters to S parameters gives

1 g, 22
S{;y=8,,=—11-— me 44.1
11 22 D[ R,(1 +ng1)] ( )
1 [ —2g,.7Z 27
S,y =— e 2 442
21 D(1+ng1+R2) ( )
and
2Z
= 2 44,
Si2 =5 (4.4.3)
where
2Z InZ2

D=1+—+
R, R,(1+g.R,)

From (4.4.1) the conditions S,, =8S,, =0 (ie, input and output
VSWR = 1) are satisfied when

InZs
1 R, =
+ gm 1 Rz
or
zZ: 1
Ri=—""—— 444
Substituting (4.4.4) into (4.4.2) and (4.4.3) gives
) Z,— R
S, =—2_—2 (4.4.5)

Z,
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and
Z

o

S, =—2
127 R, + 2,

Equation (4.4.4) shows that S;; = S,, = 0 can be satisfied, with positive
values of R, if the transconductance is large.

A range of values that satisfies S;; = S,, = 0 can be found. The mini-
mum transconductance [called g,,min] occurs when R, = 0 [i.€., gp(min) = R2/
Z2] and it follows from (4.4.5) that

1 -8,
gm(min) = Z

For example, if an amplifier has |S,,|* = 10 dB in a 50-Q system, the
minimum transconductance required 1s

1 —(—3.16)
gm(min) = 50

=83 mS

and the required shunt feedback resistor is
R, = 83 x 1073(50)? = 208 Q
Observe that (4.4.5) shows that
R,=2Z,1+1S50 (4.4.6)

which is a well-known relation in feedback amplifiers.

When both R, and R, are used and g,, has a high value, (4.4.4) shows
that the minimum input and output VSWR is obtained when R, R, ~ Z2. The
high value of g,, in a BJT makes them suitable for negative-feedback appli-
cations. However, most GaAs FETs have low values of g,, and one must be
careful when using them in negative-feedback configurations. Equation (4.4.5)
shows that §,, depends only on R, and not on the transistor parameters.
Therefore, gain flattening can be achieved with negative feedback.

An important consideration in negative-feedback design is the phase of
S,,. At low frequencies the phase of S,, is close to 180°, and as the frequency
increases (above f;) the phase of S,, varies rapidly. At some frequency the
phase of S,, is such that a portion of the output voltage is in phase with the
input voltage (i.e., positive feedback). This problem can be solved by decreas-
ing the feedback when the phase shift of S,; approaches 90°. For example, in
the case of shunt negative feedback (see Fig. 4.4.7), an inductor can be connec-
ted in series with R, such that after a certain frequency the negative feedback
decreases in proportion to the S,, roll-off.

The previous analysis, although based on a simplified model, can be used
in a preliminary design. Then CAD methods can be used to calculate the §
parameters of the transistor with the feedback network connected, and to
obtain the required I'y and I'; for optimum performance.



164 Noise, Broadband, and High- er Design M‘ds Chap. 4

Example 4.4.2

Perform a preliminary analysis in the design of a BJT broadband amplifier having a
transducer power gain of 10 dB from 10 to 1500 MHz. The S parameters of the
transistor (in a 50-Q system) at 10 V, 4 mA, the associated K factors, and |S,, |? in
decibels (i.., the transducer power gain in a 50-Q system) are given in Fig. 4.4.10. (This
example is based on a design from Ref. [4.10].)

Si S21 Sz S22
F 155,12
(MHz) Mag. Ang. Mag. Ang. Mag. Ang. Mag  Ang (dB) K

10 0.95 -2° 7.35 174.6° 0003 84.3° 1.01 —-1° 17.3 0.11
100 0.92 —11° 7.15 168.0° 0007 79.0° 0.99 —4° 17.1 0.18
250 0.87 —28°  6.83 154.5° 0015 69.2° 096 —10° 16.7 0.29
500 0.78 —54° 628 135.0° 0.026 540° 090 —18° 16.0 042
750 0.69 —78° 5.67 123.0° 0033 414> 084 —~25° 15.1 0.53
1000 0.63 —98° 5.04 113.0° 0.037 330° 079 -30° 14.1 0.67

1250 060 —114° 442 99.9° 0.038 293° 077 -33° 13.0 0.81
1500 0.60 —127° 388 87.0° 0.039 280° 0.76 —35° 11.8 0.91

Figure 4.4.10 S parameters of the transistor, K factors, and |S,, |2in decibels.

Solution. The transistor is certainly capable of providing a transducer power gain of
10 dB. However, since K < 1, the transistor is potentially unstable and a stability
analysis must be performed. Also, observe that above 1250 MHz the phase of S, is less
than 90°, and a portion of the output voltage is in phase with the input.

The input and output stability circles are given in Fig. 4.4.11. The analysis of the
output stability circles show that a shunt resistor of 300 Q at the output of the
transistor provides stability. The resulting S parameters for the network shown in Fig,
4.4.12a are given in Fig. 44.12b. The stability of the network in Fig. 4.4.12a is much
improved.

C, C.

F Stable Stable
(MHz2) Mag. Ang. r, Region Mag. Ang. r. Region
10 1.27 —43° 0.90 Inside 1.05 13° 0.24 Outside
100 30.53 88° 30.34 Outside 1.13 21° 037 Outside
250 461 89° 4.24 Outside 1.26 32° 0.54 Outside
500 3.61 103° 3.08 Outside 1.40 39° 0.64 Outside
750 2.63 117° 1.96 Outside 1.39 42° 0.58 Outside
1000 2.26 129° 1.46 Outside 141 44° 0.53 Outside
1250 2.14 140° 1.24 Outside 1.40 44° 0.46 Outside
1500 1.99 150° 1.04 Outside 1.39 45° 042 Outside

Figure 4.4.11 Stability circles locations.
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3000
(a)
Sl 1 Sll Sl 2 SZZ 2
F 15541

(MHz) Mag. Ang. Mag. Ang. Mag. Ang. Mag Ang (dB) K 1A
10 095 —-2° 630 174.7° 0003 844° 072 —1° 1598 14 0.69
100 092 —11°  6.13 168.3° 0.006 79.3° 0.71 —4° 1575 11 0.66
250 0.87 —28° 588 1552° 0013 699° 069 —10° 1538 054 061
500 0.79 —53° 544 136.1° 0023 S51° 065 —19° 1471 10 054
750  0.70 —77° 494 1245° 0029 429° 061 —26° 1388 12 045
1000  0.64 —-97° 442 1147° 0032 347° 057 -32° 1290 14 037
1250 061 —113° 389 101.7° 0033 31.1° 056 -—35° 1179 16 034
1500 060 —126° 342 88.8° 0034 29.8° 055 38 1067 19 033

(b)

Figure 4.4.12 (a) Stabilized - transistor network; (b) the resulting S parameters.

The gain |S,,|* is reduced because the 300-Q resistor dissipates some of the
output power. Still, the network in Fig. 4.2.12a can easily provide the transducer power
gain of 10 dB. The S,, and §,, parameters are large, showing that the input and output

VSWR are poor. The phase of S,, above 1250 MHz remains less than 90°.

The shunt negative-feedback resistor-inductor combination, shown in Fig. 4.4.13,
can now be designed to provide a flat gain of 10 dB (ie., |S,,|* = 10 dB or |S,,| =
3.16) with 50-Q input and output impedances. The value of R, is calculated using

(4.4.6), namely
R, = 50(1 + 3.16) = 208 Q

208 Q1 28nH
— MWW 000 —
l/ -0 O
o O
500 Output
Input R,S 3008 matching
+ matching network
v network
s
- o o —0 o©

Figure 4.4.13 The feedback network and the matching networks.
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Equation (4.4.7) expresses the fact that the area under the curve In|1/I"| cannot
be greater than n/RC. Therefore, if matching is required over a certain band-
width, it can be obtained at the expense of less power transfer.

The best utilization of the area under the curve In|1/I"| is obtained when
|I"| is constant over the frequency range w, to w, and equal to 1 outside that
range. This situation is illustrated in Fig. 4.4.16, and it follows from (4.4.7) that

- — wa)RC
IT|=T,=e n/(wb — wa)

or
[ = ¢~ ™Q2/Q1) (4.4.8)
x 4.
where
0 R
1 Xc
and
wO
Q, =
@y — W,
RN Inl 1 IA
r
1 ————————
:
In[ rx:} o
Fx B area = RC
L ! > >
w, Wy w w, Wy w
(a) {b)

Figure 4.4.16 Optimum values of | T"|.

Equation (4.4.8) gives the best ideally achievable I', that can be obtained
in the band w, to w, with no power transfer outside the band. Although a
matching network satisfying the requirements above cannot be obtained in
practice, the relation (4.4.8) can be used as a guideline for the best I' .

The expression (4.4.8) can also be used for the networks shown in Figs.
4.4.15b to 4.4.15d when the appropriate definition of Q, and Q, are used.
These are given in the figures.

-~

Example 4.4.3

Over the frequency range f, = 500 MHz to f, = 900 MHz, find the best I', that can be
achieved in the network shown in Fig. 4.4.17.
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PX
. Lossless R=14Q
matching ——
> network T C=6.8pF
Q, Q, Figure 4.4.17 Calculationof T',.

Solution. At f, = 700 MHz we obtain

1 1
Ql = = 3 ~13 =
w,RC  2n(700 x 10°)14(6.8 x 107 %)

2.39

and |
Q,=%=175
Then, from (4.4.8), the value of ', is
Fx — e—n(1.75/2.39) = 0.1

The normalized load impedance of the network in Fig. 4.4.17 (ie, z=10.28
— j468 x 10%/f) is plotted in Fig. 4.4.18 over the frequency range f, to f,. Also, the
region I', < 0.1 for the ideally achievable match is shown shaded.

Figure 4.4.18 Best achievable match I',.

4.5 AMPLIFIER TUNING

The input reflection coefficient in the bilateral case is a function of the output
reflection coefficient, and vice versa. Therefore, I'y varies with output tuning
and I'gyp varies with input tuning.
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After an amplifier is built, tuning or alignment is necessary in order for
the amplifier to provide optimum performance. The tuning is usually done by
performing minor changes and adjusting the components of the matching
networks.

An amplifier is easy to tune when the ratios of the fractional changes in
Iy due to I’ , and Iy due to T, are small.

The input reflection tuning factor 8,y is defined as

AT /Tin
ar /I,

IN =

which in terms of the two-port network S parameters can be written as

1S5Sy, Ty
1= 83500 ] I8, — AT, ]

In practice, a value of d;y < 0.3 produces good tunability. Equation
(4.5.1) shows that 6,y can be zero under some circumstances. That is, on=20
when §;, = 0, which occurs when the unilateral assumption can be made. In
this case, the output tuning does not affect the input. Also, on =0 when
I', = 0, which is a very specific value of I'; that probably degrades the gain
and noise performance of the amplifier. Of course, 5,5, = 0 when S 51 = 0, that
is, when there is no power gain. The derivation for the output tunability factor
dour 1s left as an exercise.

Equation (4.5.1) can be solved for I', in terms of J,5, namely

Sin 4.5.1)

5 S11 1/2
I'/|=]a+ _— 4.5.2
[l xTia Sy, A (4.5.2)
where
"= A+ 5,183 +8128;,00 (4.5.3)

25,,A

The value of |I'; | obtained from (4.5.2) and (4.5.3) for a given OiN 18, In
general, different from the value that produces maximum power gain or opti-
mum noise performance. Therefore, this value of I'; produces good tunability
but mismatches the amplifier.

4.6 BANDWIDTH ANALYSIS

The conditions for a conjugate match at the input and output ports are
satisfied at one frequency. One reason the output power varies with frequency
is the frequency dependence of the matching networks. However, the most
important factor that limits the frequency response is the variations of the
transistor S parameters with frequency.
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The input port, under conjugate matched conditions, is shown in Fig.
4.6.1a. A conjugate match means that I', = I'§ or Y, = Y. With

Yn= G m +JBs M
and
Ys = Gs.M ’"st,M

the network in Fig. 4.6.1a can be represented by the RLC network shown in
Fig. 4.6.1b. The values G, ) and B, ), represent the conductance and suscep-
tance obtained under conjugate match conditions.

11

o R L C
I[_°T<> Y, v—l —- Yin I.C TC) 2G, ~B, BsM:

(a) {b)

Figure 4.6.1 Equivalent networks of the input port under conjugate match con-
ditions.

The input inherent bandwidth, (BW)jy, is the bandwidth obtained under
conjugate matched conditions where the matched terminations are determined
by the S parameters of the two-port device. The input inherent bandwidth is
given by

Jo
O

where f, is the frequency at which the conjugate matched values were obtained
and Q,y is the “que” of the equivalent input network. The value of Q. for the
network in Fig. 4.6.1b, can be expressed in different forms, namely

(BW)iy = Hz (4.6.1)

R
=w,RC = 4.6.2
On =, w, L ( )
where w, = 2xf, = 1/./LC. Substituting (4.6.2) into (4.6.1), we obtain
. 2f, G,
(BW)ix = Yo G (4.6.3)

| Bs,M I
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where R = 1/2G; yy and | B, | = 0,C = 1/w, L. Similarly, the output inherent
bandwidth is given by

. 2, G
(BW)yyr = Yo Gom (4.6.4)
| BLa|
where Y, = Y3ur.
Example 4.6.1

In the microwave transistor amplifier of Example 3.7.1 we found that for a simulta-
neous conjugate match at f=6 GHz, I, = 0.762|177.3°, and Iy =0.718103.9°.
Calculate the amplifier bandwidth limitation due to the matching networks.

Solution. The admittances Yy = Y* and Y,,; = Y¥ associated with I" msand 'y, are
Yin=1(144 + j24.6) x 1073 §
and
Your =(8.28 +,23.8) x 1073 §

The equivalent network at the input port is illustrated in Fig. 4.6.1. The equivalent
network for the output port is similar. From Yix and Yoy, it follows that G, ,, = 144
x 1073 B,y = 24.6 x 1073, G, ,, = 8.28 x 10”3, and B,y = 23.8 x 1073, Therefore,
from (4.6.3) and (4.6.4),

2(6 x 10°)144 x 1073
24.6 x 1073

(BW)iy, = = 70.2 GHz

and

2(6 x 10%)8.28 x 10~ 3

338 x 103 = 4.17 GHz

(Bw)é)UT =

Since (BW)jy > (BW)hyr, the bandwidth limitations due to the matching networks are
determined by (BW)Lyy.

The broad bandwidth (BW),,; cannot be obtained in practice because of the
transistor S-parameter variations with frequency. In fact, the overall bandwidth of the
amplifier, as shown in Fig. 4.3.11d, is 980 MHz.

The inherent bandwidth of either the Input or output port can be de-
creased by increasing the Q of the network. From (4.6.2), we can increase Q by
increasing the capacitance or decreasing the inductance of the network. When
Yin has a capacitive susceptance, the bandwidth is decreased by adding capaci-
tance, and when Yy has an inductive susceptance, the bandwidth is decreased
by adding inductance. ‘

Consider the case where Y,y has a capacitive susceptance. The admit-
tance Yyis given by '

Yin=Ginyp +JBinu
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o A~ Two-port
18 T CP Ys T Cw network Yi

Yin Yin
Figure 4.6.2 Increasing Q by adding the capacitance Cjy.

If we add to the input port the capacitor Cjy, shown in Fig. 4.6.2, the
admittance Yy is given by

Yin=Yn+Jjw,Cix
and a conjugate match requires that Y, = (Yy)*. Therefore,
Gom = Gin
and
Bsm = —(Binm + @, Ci\)

The input port bandwidth is

zf;r Gs,M

BW)n =
(BWn Biny + @, Ciy

which can be solved for Cjy, to obtain

. _ Binu [(BW);‘N B 1]
N (BW)in

(4.6.5)
where (4.6.3.) was used.

Equation (4.6.5) gives the value of the additional capacitance required to
obtain the bandwidth (BW),. Similarly, for the output network the capaci-
tance required to produce a bandwidth (BW),r is

Coyr = Bout.m [(Bw)iour _ IJ

(BW)our

(/]

When Y has an inductive susceptance, the bandwidth is decreased by
adding the inductor Liy shown in Fig. 4.6.3, It follows that the value of
inductance required to obtain the bandwidth (BW),y is

1

BW)i
@, | Bin | [((_——BW;,-:— - 1]

7
LlN =
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o , Two-port
I TCP s » %Lw ? network Yi

Yin Yin

Figure 4.6.3 Increasing Q by adding the inductance L.

In the output port, the value of inductance required to obtain (BW)our is

1

BW);
| wolBour.M'[EBNV“-—;if - 1]

The previous methods of adding capacitance or inductance to nar-
rowband the amplifier response does not affect the original simultaneous con-
jugate matched calculations,

The overall bandwidth of n identical single tuned networks is related to the
bandwidth of one stage, (BW),, by the relation

(BW), = (BW),. /27" _ { (4.6.6)
20

is called the bandwidth reduction Jactor. In the case of two single tuned net-
works (i.e., n = 2), (4.6.6) gives

(BW), = (BW),(0.644)

/
LOUT =

The factor

4.7 HIGH-POWER AMPLIFIER DESIGN

Thus far we have presented design techniques, based on the small-signal §
parameters of transistors, for maximum or arbitrary power gain, low noise,
and broadband amplifiers. The small-signal S parameters are not useful for
power amplifier design because power amplifiers usually operate in nonlinear
regions. The small-signal S parameters can be used in large-signal amplifiers
operating in class A (ie, linear output power). However, for class AB, B, or C
the small-signal § parameters are not suitable for design purposes.

A set of large-signal S parameters is needed to characterize the transistor
for power applications. Unfortunately, the measurement of large-signal § pa-

rameters is difficult and is not properly defined. Therefore, an alternative set of
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large-signal parameters is needed to characterize the transistor. This can be
done by providing information of source and load reflection coefficients as a
function of output power and gain, especially the measurement of the source
and load reflection coefficients, together with the output power, when the
transistor is operated at its 1-dB gain compression point. The listing of the
1-dB compression point data is used to specify the power-handling capabilities
of the transistor.

The 1-dB gain compression point (called G,4g) is defined as the power
gain where the nonlinearities of the transistor reduces the power gain by 1 dB
over the small-signal linear power gain. That is,

G148(dB) = G,(dB) — 1 (4.7.1)

where G,(dB) is the small-signal linear power gain in decibels. Since the power
gain 1s defined as

G _ Pour

* P

or
Pour(dBm) = G (dB) + P,(dBm)

we can write the output power at the 1-dB gain compression point, called
P4s, as

P,4g(dBm) = G, 5(dB) + Pp(dBm) (4.7.2)
Substituting (4.7.1) into (4.7.2) gives
PldB(dBm) - P,N(dBm) = Go(dB) - 1 ’ (4.7.3)

Equation (4.7.3) shows that the 1-dB gain compression point is that point at
which the output power minus the input power in dBm is equal to the small-
signal power gain minus 1 dB.

A typical plot of Poyr versus Py which illustrates the 1-dB gain com-
pression point is shown in Fig. 4.7.1. Observe the linear output power charac-
teristics for power levels between the minimum detectable signal output power
(Po.mas) and P, 4n. The dynamic range (DR), shown in Fig. 4.7.1, is that range
where the amplifier has a linear power gain. The dynamic range is limited at
low power levels by the noise level. An input signal (P; .4,) is detectable only if
its output power level (P, ,.4,) is above the noise power level.

The thermal noise power level of a two-port, with noise figure F, is given
by

PNo = kTBGAF

Observing that kT = —174 dBm (or kTB = — 114 dBm/MHz at T = 290°K)
and assuming that the minimum detectable input signal is X decibels above
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Pour (dBm)

_

Dynamic range

(DR)
Po,mds T i T {_'
i )
P; mas Pin1a8 Py (dBm)

Figure 4.7.1 The 1-dB gain compression point and the dynamic range of micro-
wave amplifiers.

thermal noise, we can write |

Pimas = —174 dBm + 10 log B + F(dB) + X(dB) (4.7.4)
and .

Pymas = —174 dBm + 10 log B + F(dB) + X(dB) + G (dB) 4.7.5)

A typical value of X (dB) is 3 dB.

As previously discussed, a power transistor can be described in terms of
the large-signal source and load reflection coefficients required to produce a
given output power and gain. Of course, these parameters are functions of
frequency and bias conditions. For example, in a GaAs FET the 1-dB gain
compression point is usually measured at a drain-to-source voltage and gate-
to-source voltage that optimizes the output power. From Fig. 3.9.7, this is
usually at I, = 50%1 pss .

A typical set of power reflection coefficients is shown in F ig. 4.7.2a. The
values of I'gp and I';, denoted by points are the source and load power
reflection coefficients for maximum output power. The values of I spand I';p
are given for f =4 GHz to f = 12 GHz. Figure 4.7.2b illustrates typical output
power contours as a function of the load reflection coefficient. For this transis-
tor Pyyp = 19 dBm and G,z = 6 dB. The 18-dBm and 17-dBm output power
contours are also shown. The input was conjugately matched at all times.

A typical measuring system for large-signal parameters is illustrated in
Fig. 4.7.3. The transistor under test js placed in a measuring setup where the
dc bias and ac input signal level can be varied. The output tuning stubs are
adjusted until the power meter C measures a given power level and the input
tuning stubs are adjusted for zero reflected power (read at power meter B). The
power meter A4 reads the incident power, and the power gain (at given output
power level) can be obtained. Since there is no reflected power, the input port
is conjugately matched, and the output impedance is that impedance required
to produce the output power read at power meter C. '
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8 GHz

Qutput power
f (GHz) Pygs G

19dBm 13dB
18 dBm 12d8
18 dBm 10d8
17 dBm 8 dB
16 dBm 6 dB

Figure 4.7.2 (a) Typical large-signal reflection coefficients. (b) Typical output
power contours as a function of I', for a GaAs FET at =10 GHz, V3 =10V,
and I, = 50%I 5. For this transistor the optimum output power is 19 dBm at
1-dB gain compression and G, 5 = 6dB.

The transistor can then be disconnected from the test setup and the
impedance at the reference planes A and B is measured with a network ana-
lyzer. These measurements produce the values of I'sp and I';, for a given
output power and gain. Of course, I'sp and I';, are functions of output power
level, frequency, and bias conditions.

A source of distortion in power amplifiers is that caused by intermodula-
tion products. When two or more sinusoidal frequencies are applied to a
nonlinear amplifier, the output contains additional frequency components
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Power Power
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A B
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coupler
generator p stubs
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Transistor
under
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B-———4—~—~—-—1B
Load Directional ?utput
o2 coupler uning
stubs

Figure 4.7.3 Measuring system for large-signal parameters.

called intermodulation products. For example, if two sinusoidal signals
t) = A cos 2nf,t + A cos 2nf,t (4.7.6)

are applied to a nonlinear amplifier whose output voltage can be represented
by the power series

vy(t) = o, 1) + o, V3(E) + a5 03(2) 4.7.7)

the output signal will contain frequency components at dc, Ji. 125 211, 215, 34,
3. /1 £ f2, 2fy £ f,, and 2f, + f,. The frequencies 2fy and 2f, are the second
harmonics, 3f; and 3f, are the third harmonics, f; + f, are the second-order
intermodulation products (since the sum of the f, and f> coefficients is 2), and
2f, £ f, and 2f, + f; are the third-order intermodulation products (since the
sum of the f; and f, coefficients is 3). The input and output power spectra,
from (4.7.6) and (4.7.7), are shown in Fig. 4.7.4.

Figure 4.7.4 shows that the third-order intermodulation products at 2f,
—J2 and 2f, — f; are very close to the fundamental frequencies f1 and f;, and
fall within the amplifier bandwidth, producing distortion in the output.

If we measure the third-order intermodulation product output power
(P24, -s,) versus the input power at f, (Pg,), the graph shown in Fig. 4.7.5
results. The third-order intercept point (called P,;) is defined as the point
where P, and P,, _,, intercept, when the two-port is assumed to be linear.
Observe that the slope of P, is 1 and that of P,,, _, is 3. This occurs because
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Bandwidth
r A A
f, f, — f, } f, f, T 21,2,  3f,4 43f,
2f, + f,
Input QOutput

Figure 4.7.4 Input and output power spectrum.

for the assumed v,(t) in (4.7.7) the power of the third-order intermodulation
product is proportional to the cube of the input signal amplitude A. The
power P,p is a theoretical level. However, it is a useful quantity to estimate the
third-order intermodulation products at different power levels.

For the three-term series in (4.7.7), it can be shown analytically and
experimentally that the third-order intercept point is approximately 10 dB
above the 1-dB gain compression point. That is,

P,p(dBm) = P, 45(dBm) + 10 dB (4.7.8)
Also, it can be shown that
2P2fl"f2 = 3Pfl - 2P1P
or
Pr,—Pasi—, =%Prp — Py ) (4.7.9)

The spurious free dynamic range (DR ) of an amplifier (see Fig. 4.7.5) is
defined as the range P, — P, _,,, when P, ., is equal to the minimum
detectable output signal. Therefore, from (4.7.5) and (4.7.9), -

DRf = %(PIP - Po,mds)
— 2[P,, + 174 dBm — 10 log B — F(dB) — X(dB) — G (dB)]

POUT A

o,mds

Pimas / TPlN

Spurious free ]
dynamic range (DRy) Figure 4.7.5 Third-order intercept point.
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Example 4.7.1
An amplifier has an available power gain of 40 dB, 500-MHz bandwidth, noise figure of
7dB, and a 1-dB gain compression point of 25 dBm. Calculate DR and DR r

Solution. The minimum detectable input and output signals, from (4.7.4) and (4.7.5),
assuming that X = 3 dB, are

P;mas = —174 dBm + 10 log (500 x 10%) dB + 7 dB + 3 dB = —77 dBm
and

Py mas = —77 dBm + 40 dB = —37 dBm
Therefore,

DR = P4 — P, nas = 25 dBm + 37 dBm = 62 dB
The third-order intercept point, from (4.7.8), is

P;p=25dBm + 10 dB = 35 dBm
and

DR, = (25 dBm + 37 dBm) = 48 dB

Another source of signal distortion is caused by a nonlinear phase
characteristic. For a signal to be amplified with no distortion, the magnitude
of the power gain transfer function must be constant as a function of frequency
and the phase must be a linear function of frequency. A linear phase shift
produces a constant time delay to signal frequencies, and a nonlinear phase
shift produces different time delays to different frequencies.

Qutput
input matching
matching network
network

Figure 4.7.6 Method for paralleling transistors.
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Amplifier
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A Y
. :I.y!)cc"id > Amp2!iﬁer - Hyt::id ‘ -
Input ivider combiner Output
Y A
Amplifier
3

Figure 4.7.7 A hybrid combiner/divider.

A phase distortion called AM-to-PM conversion occurs when an AM
signal is transmitted through a power amplifier. The phase shift becomes a
function of the instantaneous amplitude of the signal, and the output phase
consists of a mean value with a small ripple. The AM-to-PM conversion is
defined as the change in output phase for a 1-dB increment of the input power.

Power transistors are provided with flanges or studs for proper mount-
ing and heat dissipation. The maximum junction temperature for a BJT is
around 200°C and the maximum channel temperature for a GaAs FET is
around 175°C.

When more power is required than can be provided by a single micro-
wave transistor amplifier, power-combining techniques are used. One can use
a method of paralleling several transistors, as shown in Fig. 4.7.6. However,
this method is not recommended, for several reasons:

1. The input and output impedance levels can be of the same order as the
losses in the input and output matching networks. For example, a 0.1-nH
inductor having a Q of 150, at /= 400 MHz, has a resistance loss of
R = wL/Q = 1.6 Q, which can be similar to the input resistance of sev-

V250 =707

/ 50 © Port 2

A4

Port 1 50 Q2 §2(50)=1OOQ
<

EE——
t)\/-'l

P

\ 50 Port 3

J2iso=7079L

Figure 4.7.8 The Wilkinson coupler.
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Figure 4.7.9 An n-way hybrid combiner/divider.

eral paralleled transistors, Therefore, the total power output that can be
obtained from several paralleled transistors is less than the theoretical
total output power because the efficiency decreases as the number of
transistors increases.

2. If one transistor fails, the complete amplifier network fails.

_ Amplifier _
> 1 >
o Amptifier _
Input . > pz > ) Output
» H.y-bnd Hybrld N
divider HHN H combiner
i
N
NN
IEEN
INENE)
> Amplifier >~
n

Figure 4.7.10 An n-way power amplifier.
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-180°

Figure 4.7.11 Output power contours at
2 GHz, Vg =18 V, and I. = 110 mA.
(From Ref. [4.12]; courtesy of Hewlett-
@ Conjugate match  Packard.)

3. All transistors must be well matched for power output and gain in order
to obtain good load sharing.

A method that avoids the problem of paralleling power transistors is
shown in Fig. 4.7.7. It uses a hybrid divider and a hybrid combiner to divide
the input power equally to several amplifiers, and to combine the output
power of each amplifier. The failure of one amplifier does not cause failure of
the complete unit. The complete unit will continue to operate with reduced
output power.

A popular two-way hybrid divider known as the Wilkinson coupler is shown
in Fig. 4.7.8. It consists of two A/4 transmission lines with characteristic im-
pedances of Z, = \/5. (50) = 70.7 Q. The input signal is connected to port 1
and divides equally, both in amplitude and phase, when ports 2 and 3 are
equally terminated. No power is dissipated in the 100-Q resistor when equal
loads are connected to ports 2 and 3. If ports 2 and 3 are terminated in 50 Q,
the input impedance of port 1 is the parallel combination of the two 50-Q
loads, after each is transformed by the 1/4 line with Z, = 70.7 Q. That is, each
50-Q load transforms to 100 Q, and port 1 sees a 50-Q matched input im-
pedance. When a mismatch occurs at port 2 or 3, the reflected signals split
through the two transmission lines, travel to the input port, split again, and
travel back to the output ports. That is, the reflected wave returns to the
output port in two parts, each 180° out of phase from each other. The value of
the resistor 2Z, = 100 Q was selected so that the two parts of the reflected
wave have equal amplitude and, therefore, perfect cancellation results.

Of course, the two-way hybrid divider in Fig. 4.7.8 can be used as a
two-way combiner by applying the input signals at ports 2 and 3 and taking
the output at port 1.
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Figure 4.7.12 Design of the output matching network.
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Figure 479 shows the block diagram of an n-way power combi-
ner/divider. The insertion losses of the coupler limit the overall efficiency. The

block diagram of an n-way amplifier is shown in Fig. 4.7.10.

Example 4.7.2

Design a power amplifier at 2 GHz using a BJT. The S parameters of the transistor and
power characteristics at 2 GHz are

Sll _— 0-64' 1530

S, = 2.32[10°
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13.5
2,=50Q Z,=26Q
1=0.088A 1 =)\4
— — g 50

Figure 4.7.13 Output network for the 2-GHz amplifier.

Sy, =007 —8§°

Szz = 0.51 l '—1190

GldB = 11.5 dB

Output power contours are shown in Fig. 4.7.11. This figure shows the loci of equal
P, 4p for different output loading. The input was conjugately matched at all times. The
P, 4s point and the output conjugate match point were close. (This example is based on
a design from Hewlett-Packard Application Note 972 [4.12].)

Solution. The transistor is unconditionally stable at 2 GHz since K — 1.15 and
A =0.20758.5°. The output network is designed to provide the output power P, ; =
29 dBm. The output matching network design is shown in Fig. 4.7.12. The 50-Q load
was transformed to a resistance of 13.5 Q using a quarter-wave transformer with
characteristic impedance Z, given by

Z, = /50(13.5) = 26 Q

A transmission line of length fd = 32° (i.e,, 0.0884) was used to complete the match.
The output network schematic is shown in Fig. 4.7.13.

In order to obtain an output power of 29 dBm, the input must be conjugately
matched. The input conjugate match is calculated using (3.2.5), namely

(0.07 | —8°X2.32[10°X0.57 [ 116°) |*
1 —(0.51 —119°X0.57|116°)

FSP = (rlN)* = [0.64| 1530 +

= 0.749| —147.1°

The small-signal S parameters were used to calculate I since, for this transistor,
at P, 4p the behavior can be assumed to be linear.

The design of the input matching network is illustrated in Fig. 4.7.14. An open-
circuited shunt stub of length 0.1851 (Z, = 50 Q), followed by a 50-Q series transmis-
sion line of length 3.5° (0.00974), were used to obtain the match. The complete ac
schematic is shown in Fig. 4.7.15.
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Figure 4.7.14 Design of the input matching network.
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4.8 TWO-STAGE AMPLIFIER DESIGN

The configuration of a two-stage microwave transistor amplifier is shown in
Fig. 4.8.1. The design of a two-stage amplifier usually consists in the opti-
mization of one of the following requirements: (1) overall high gain, (2) overall
low noise figure, or (3) overall high power. In a two-stage amplifier the stabili-
ty of the individual stages, as well as the overall stability, must be checked.

ry
Y FOUT,M
FS
T2
T
Output
Interstage .
0% Input L, | matching | retwarke § 50 2
+ matching network, . ne Nor ,
network, e M o
A N, r .
Py Tours w2z Tour2

Figure 4.8.1 Diagram of a two-stage amplifier.

In a design requiring overall high gain, the reflection coefficients are
selected as follows:

[y =T
Fine = Tour.)*

Fovtw = (rm,z)*
I'y = Tour2)*

In a design requiring high power the reflection coefficients are selected as
follows:

I'y=( lN.l)*
FIN.M =T LP,1
I OUTM — (Fm,z)*
I =T LP,2
where I'; p ; and I';p , are the large-signal load reflection coefficients of T'1 and
T2. In other words, the design of N, results in I', = I', » , and the design of M
is for a conjugate match at its output [i.e., Foyra = (T iN,2)*] and at its input

Iinage = I'pps (i€, to present I'yp ; to transistor T'1). The network N, presents
a conjugate match at the input of transistor T'1.
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In a low-noise design, the reflection coefficients are selected as follows:

I, =T,
Finw = Tour.1)
Fovtm =T 2
I'L = Tour,2)*

where I', ; and I',, are the optimum noise source reflection coefficients for
stages 1 and 2, respectively.

From (4.2.4), the overall noise figure of a two-stage amplifier depends on
F,, F,,and G,,. The transistor of the first stage is usually selected to have low
noise figure and a higher noise figure is permitted in the second stage. Al-
though some trade-offs between noise figure and gain are possible, usually the
optimum noise match with I', ; and I, , is used.

PROBLEMS

4.1. (a) Show that the noise figure for a three-stage amplifier is given by

Fz"'l F3—‘1

F=F, + +
' GAI GAIGAZ

where F,, F,, and F; are the noise figures of the first, second, and third
stages; and G4, and G4, are the available power gains of the first and second
stages.

(b) Two cascade amplifiers have noise figures of F, = 1 dBand F, =3 dB,and a
gain of G4, = 10dB and G,, = 16 dB. Calculate the overall noise figure.

4.2. The scattering and noise parameters of a GaAs FET measured at a low-noise bias
point (Vps = SV, I, = 15%I pgs = 10 mA) at f= 12 GHz are

S;, =075|=116° F,, =22dB

S,, = 0.01[67° I, = 0.65[120°
S,, = 3.5/64° Ry=100Q

822 = 0.77l "‘650
Design a microwave transistor amplifier to have a minimum noise figure.

4.3. The scattering and noise parameters of a GaAs FET measured at a low-noise bias
point (Vps = 3.5V, Iy = 15%1 pss = 12 mA) at f = 2 GHz are

Sll =0.81‘—51.9° Fmin= 1.25 dB

S,, = 0.045|54.6° I, = 0.73[60°
S,, = 2.15[128.3° Ry=1940Q

S,, = 0.73[ —30.5°

Design a microwave transistor amplifier to have a minimum noise figure.
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4.4. (a) A manufacturer provides the information shown in Fig. P4.4 for two micro-
wave transistors. Evaluate the noise parameters for each transistor. Are the
constant-gain circles given for G;, G,,or G, ? ‘

(b) Verify the location of the G, = 10.7 dB constant-gain circle in Fig. 4.34.

Frequency = 2 GHz, 10V, 5 mA Frequency = 2 GHz, 10V, 5 mA
S,; =0.655 £162.1° S, =2.286 £45.8° S;; = 0.646 £ 172° S, =3.042,47.9°
Sy, = 0.064 ;/23,7° Sy, = 0.569 / —54.6° S,, = 0.051£13.5° Sy, = 0.642 /—64°
(a) (b)

Figure P44 Two microwave transistors. (From Avantek Transistor Designers
Catalog; courtesy of Avantek.)

4.5. (a) Design a microwave transistor amplifier at 2 GHz to have a minimum noise
figure using the transistor in Fig. P4.4a. Specify the resulting Gr,G4,and G,.
(b) Design a microwave transistor amplifier at 2 GHz to have F ; = 2.5 dB using

the transistor in Fig. P4.4b. Specify the resulting G, G,, and G,.

4.6. (a) In the network shown in Fig. P4.6, verify that |I',| = |T" in|, where

Z —Z7
r — a o
] Z,+ Z,
and
Z,N—Z;‘
Iyl = |22
ITin| Z,N+z,'

(b) Show that |I",| can also be expressed in the form

In-—T¢

(=
T, I —T.T.

4.7. Verify (4.4.1), (4.4.2), and (4.4.3).
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FlN
r, r, (Zy)
(Z)) (z))

. T
2o L

Lossless
Vs 6) | matching |- -
network

Figure P4.6

4.8. Design a broadband microwave BJT amplifier to have Gry = 12 dB from 150 to
400 MHz. The transistor S parameters are as follows:

S
(MHz) Si, Sz, ' 522

150 0.31] —36° 5 091 —6°
250 0.29| —55° 4 0.86] —15°
400 0.25{ —76° 2.82 0.81]—26°

(This problem is based on an example given in Ref. [4.13].)

Hint: G; will be small and only G, should be used to compensate for the vari-
ations of | §,, | with frequency. G, should be designed to provide a good VSWR at
the input. The output matching network can be designed as in Fig. 4.4.4, or for a
better match at the three frequencies an extra inductor in series with the 50-Q
load can be added.

4.9. Design a broadband microwave BJT amplifier with G, = 10 dB from 1 to 2
GHz with a noise figure of less than 4 dB. For this transistor S, can be neglected
and the scattering and noise parameters are as follows:

f Fmin
(GHz) A\ Sy AP r, Ry (dB)

1 0.64 | —98° 504[113° 0.79 | —=30° 0.48]23° 233 1.45
LS 060 —127° 3.90(87° 0.76 { —35° 045]61° 15.6 1.49
2 0.59]| —149° 3.isqar1° 0.75 —43° 0.41|88° 15.7 1.61

In this problem, design the input and output matching networks so that G, = 10
dB at the band edges only, and calculate the resulting gain at 1.5 GHz. The noise
figure over the band must be less than 4 dB.
4.10. (a) In the network shown in F ig. P4.10a, what is the best I', that can be achieved
in the frequency range 400 to 600 MHz?
(b) In the network shown in Fig. P4.10b, what is the best I', that can be obtained
in the range 6 to 12 GHz?

4.11. For the networks in Fig. 4.4.15b, c, and d, the gain—bandwidth restrictions are
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L C=100pF
Lossless Lossless c
—| matching matching |, F:: gR =50Q
network R=50 network P 9
r, L,
(a) (b)
Figure P4.10
given by
(" ! In ! dw < nRC (for Fig. 4.4.15b)
— =ldw <= .44,
Jo @ T |T 8
f= ] 1 L
— In |=|dw < T (for Fig. 4.4.15¢)
Jo @ r
® 1 R
In|=|dw <— for Fig. 4.4.15d
L n T 0 < T (for Fig )

Show that I, can be expressed in the form given in (4.4.8) when the appropriate
definitions of @, and Q, are used. These are given in Fig. 44.15.

4.12. (a) Verify the equation for é,y in (4.5.1).
(b) Verify the relation between d; and I', in (4.5.2).
(c) Derive a relation for dgyr.

4.13. (a) Show that K for the balance amplifier, using a 3-dB Lange coupler, is given

by
1 2
c_LtP
2P
where
P = ISZISl2l

Show that K has a minimum value of 1 when P = 1 (i.e., when [85:8:21=1)
and K > 1 for all other values of P.

The S parameters of a transistor at 2.1 GHz are
Sy; = —0.699 — j0.348
S, = —10.9 +7.895
S5, = 0.309 +;0.459
S,, =0.009 +;0.015

and the resulting K, K = 0.48, shows that the transistor is potentially unsta-
ble. If the transistor is used in a balanced amplifier configuration, calculate
the resulting S parameters and K.

(b)
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4.14.

4.15.

4.16.
4.17.

4.18.

Noise, Broadband, and High-‘r Design M’is Chap. 4

The S parameters of a transistor at 8 GHz are

Sll = 0.75| —100°

Sy = 2.5193°
SlZ = 0
S,y = 0.7 —50°

Determine

(a) The terminations for Gy .-

(b) The inherent bandwidths and Q of the input and output networks.

(¢) The additional elements (C or L) that must be added to the input and/or
output networks to make the bandwidth 20% of the inherent bandwidth.

(d) The optimum terminations for part (c) and the resulting G, .

In a microwave transistor amplifier it is found that I'y,, = 0.476[166° and T'),, =

0.846[72° at f = 4 GHz. Calculate the amplifier input and output intrinsic band-

widths. If the bandwidth is to be limited to 400 MHz, find the value of Cyyy or

Loyt that must be added to the output network.

Analyze the Wilkinson coupler shown in Fig. 4.7.8.

An amplifier has a transducer power gain of 30 dB, 800-MHz bandwidth, and a

noise figure of 5 dB. The 1-dB gain compression point is given as 28 dBm.

Calculate DR, DR, and the maximum output power for no third-order inter-

modulation distortion.

The specifications for two power GaAs FETs at 4 GHz are as follows:

P45 (dBm) G,4p (dB) G, (dB)

FET 1 25 6 7
FET 2 20 8 9

Show that the two-way power amplifier shown in Fig. P4.18 can be used to
deliver Pgyp = 27.7 dBm, at 1 dB compression, with P, = 6.3 dBm. The loss of
the two-way combiner/divider is —0.3 dB. Specify the FET that must be used in
each stage, and indicate the power and gain levels at all points.

Hint: The power at the output of the divider is 19.0 dBm.

19.0dBm
Pour =
Two-way Two-way 27.7 dBm
divider combiner
19.0 dBm

Figure P4.18
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4.19. Design a power amplifier at 4 GHz using a BJT. The S parameters of the tran-
sistor and power characteristics at 4 GHz are

S,; = 032|=145°

S,, = 138 =113°

S,, = 0.08] —98°

S,, = 08| =177°
P, = 27.5 dBm
Gyep =7 dB

I, =0.1[0°

4.20. In the two-stage amplifier shown in Fig. 4.8.1, transistors T1 and T2 are poten-
tially unstable. Can the overall amplifier be unconditionally stable?
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MICROWAVE TRANSISTOR
OSCILLATOR DESIGN

5.1 INTRODUCTION

In this chapter the analytical techniques that are used in the design of
negative-resistance oscillators are discussed. The small- and large-signal S pa-
rameters provide all the information needed to design negative-resistance os-
cillators.

In a negative-resistance oscillator we refer to the matching networks at
the two ports as the terminating and the load (or resonant) matching net-
works. The load-matching network is the network that determines the fre-
quency of oscillation, and the terminating network is used to provide the
proper matching.

The design of the terminating and load matching networks must be done
carefully. For example, the condition |I';x| > 1 is necessary for oscillation. A
short circuit at the terminating port can produce |I';y| > 1. However, no
power is delivered to a short-circuited termination.

In the low range of microwave frequencies, the lumped-element Colpitts,
Hartley, and Clapp oscillators are commonly used.

5.2 ONE-PORT NEGATIVE-RESISTANCE OSCILLATORS

A general schematic diagram for one-port negative-resistance oscillators is
shown in Fig. 5.2.1. The negative-resistance device is represented by the ampli-
tude and frequency-dependent impedance

ZinV, @) = Rin(V, o) + jX(V, w)
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+

X {w) XV, w)

R, R (V, w)

ol S
~J

ZL(O)) z[N (V' w)

Figure 5.2.1 Schematic diagram for one-port negative-resistance oscillators.

where
RNV, ) <0

The oscillator is constructed by connecting the device to a passive load im- .
pedance, called

Z(w) =R, +jX (w)

The discussion in Section 3.3 showed that the one-port network in Fig.
5.2.1 is stable if

Re [Zn(V, w) + Z;(w)] >0
and the network will oscillate when
Iin(V, o) 'w) =1
The oscillation conditions can be expressed in the form
RnV,w)+ R, =0 (5.2.1)
and
XV, w) + X (w)=0

To be specific, the device is defined to be unstable over some frequency
range w; < w < w, if Ry(V, w) < 0. The one-port network is unstable for

some w, in the range if the net resistance of the network is negative, that is,
when

| Rn(V, w,)| > Ry (5.2.2)

Any transient excitation due to noise in the circuit will initiate an oscil-
lation at the frequency w,, for which the net reactance of the network is equal
to zero, namely

Xw,) = —Xn(V, 0, (5.2.3)

At w, a growing sinusoidal current will flow through the circuit, and the
oscillation will continue to build up as long as the resistance is negative. The
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amplitude of the voltage must eventually reach a steady-state value, called V,,
which occurs when the loop resistance is zero. To satisfy the conditions (5.2.1)
and (5.2.2), the impedance Z;\(V, ) must be amplitude dependent and, there-
fore, at V = V, we can write

RV, @,) + R =0 (5:24)

The frequency of oscillation determined by (5.2.3) is not stable since
XV, w,) is amplitude dependent. That is,

XIN(VI’ wo) ?('- XIN(VO’ wo)

where V| 1s an arbitrary voltage. Therefore, it is necessary to find another
condition to guarantee a stable oscillation. If the frequency dependence of
Z(V, w) can be neglected for small variations around w,, Kurokawa [5.1]
has shown that the condition for a stable oscillation is

- OR(V, 0) dX () _ XV, @) dR ()

3V |y, do vV |y, do

>0  (5.2.5)

W= We

W =We

In other words, the frequency of oscillation determined by (5.2.3) and (5.2.4) is
stable only if (5.2.5) is satisfied. In most cases

dR(w) _
do

(l.e., R, is a constant) and (5.2.5) simplifies accordingly.
Example 5.2.1

A negative-resistance device can be modeled by the parallel combination of a capacitor
and a negative conductance, as shown in Fig. 5.2.2a. The amplitude dependence of the
negative conductance, shown in Fig. 5.2.2b, is given by

0

| 4
G(V) = GM(I - —) (5.2.6)
VM
PRI
O G(V)A
+
XL((AJ) GM
e e
C+ —G(v) R,
O v. Vv
IV, w) Z (w)
(a) (b)

Figure 5.2.2 (a) Negative-resistance device; (b) amplitude variations of G(V).
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Design a load circuit, Z, , to provide oscillation at w, and calculate the output power.

Solution. The device impedance is

—G(V) . ~wC

ZIN(V’ 6()) lN( ’ CU) +] lN( ’ CO) GZ(V) + wZCZ +J GZ(V) + 0)2C2

From (5.2.3) to (5.2.5) a stable oscillation at ® = w, occurs when

R — G(V)
L G*(V) + w?C? 0=0,V=V,

wC

X =
L(w) GZ(V) -+ O)zcz w=w, V=V,
and
OR ‘_iﬁ >0
OV y=y, 4O o=,

where V, is the oscillation voltage level at the frequency of oscillation w, .
Substituting (5.2.6) into (5.2.7) gives for Ry,

__ —(1/GuX1 — V/V)
N = VIV)? + 0*C?Gy,

Differentiating (5.2.11) with respect to V gives

oRw  — 1+ AV/Vy) — V3Vi + 0*C?[GYy
SV Gy Vil = V/Vy)? + (0*C?/G3))?

and substituting (5.2.12) into (5.2.10) produces the relation

dX, V Vv 0C?
=L —l42—— 4 >0
m=w,,[: VM Vil GIZW

V=V,

dw

(5.2.7)

(5.2.8)

(5.2.9)

(5.2.10)

(5.2.11)

(5.2.12)

(5.2.13)

There is no direct way to solve for R, and X, from (5.2.8), (5.2.9), and (5.2.13).
Therefore, another design consideration such as maximizing the power delivered to R,

must be introduced.
The current in the circuit is given by

I =V(—-G(V) + juC)
and the output power is given by

P = $[I?R, = |V PRUGHV) + 0*C?)
Substituting (5.2.6) and (5.2.8) into (5.2.14) gives

The expression (5.2.15) can be maximized for G as follows:

o 1, G(v)  , G(V)
———— R — 1 —_ 3 = 0
3G() 2 V“‘[ *Gn e

(5.2.14)

(5.2.15)




198 Microwave Tran.r Oscillator Qn Chap. 5

or
G(V) 1
— == 2.16
Gn 3 (5.2.16)
Substituting (5.2.16) into (5.2.6) gives
| v o2
- = 5.2.1
Vu 3 (5-2.17)

which is the output voltage when maximum output power is delivered to R, . If (5.2.17)
is evaluated at ¥V = V, and substituted back into (5.2.13), the following result is ob-

tained:
202
(“"’ _ —> >0 (5.2.18)

X,
G, 9

dw

The only unknown in (5.2.18) is X, , so the frequency dependence of X, can easily be

determined around w, .
From (5.2.16), (5.2.8), and (5.2.9) the values of R, and X L(w) that maximize the
power delivered to R, at w, are

Gy/3
_ 2.
K=t +aic? (.2.19)
and
C
X, (@,) o (5.2.20)

T (Gu/3) + 02 C?

At this point, it is necessary to check if R, satisfies the condition (5.2.2) when the
amplitude level is zero (i.e., the starting oscillation condition). Therefore, using (5.2.11)
and (5.2.19), we have that

IRn(V, w))l| >R,
V=0
when

w,C o 1
Gu /3
If we examine the ratio of R, to | Rj(0, w,)|, we obtain

R, 3 1 + (w, C/Gy)?

= 5.2.21
R0, @)1 > 1+ (@, C/Gy)? G220
If w,C/G,, is large, (5.2.21) can be approximated by
R 1
L ~- (5.2.22)

| R0, )| ~ 3

The relation (5.2.22) provides a good design guideline for selecting R, . That is,
let

RL = %‘ RIN(O’ wo)l (5.2.23)
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From (5.2.20), the frequency of oscillation w, is

1
Xi(w,) =~ (5.2.24)
w,C
and from (5.2.18),
-‘-i—}f—" >0 5.2.25
do | = o, (5-225)

Obviously, an inductor (X, = wL) satisfies (5.2.24) and (5.2.25), and w, is given
by

D
N
O

5.3 TWO-PORT NEGATIVE-RESISTANCE OSCILLATORS

A two-port network configuration is shown in Fig. 5.3.1. The two-port net-
work is characterized by the S parameters of the transistor, the terminating
impedance Z5, and the load impedance Z, .

Input Terminating
port port
Load Transistor Terminating
network {S] network
Z, Zin Zoyt Zr
(ry) (C'n) (Cout) (Cy)

Figure 5.3.1 Two-port oscillator model.

When the two-port is potentially unstable, an appropriate Z permits the
two-port to be represented as a one-port negative-resistance device with input
impedance Z,y, as shown in Fig. 5.2.1. The conditions for a stable oscillation
are given by (5.2.3) to (5.2.5).

The negative resistance of Z,y is a function of voltage and as the oscil-
lation power increases, the negative resistance can decrease to a value lower
than the load resistance, at which point the oscillation stops. This problem is
eliminated by designing the magnitude of the negative resistance, at V = 0, to
be larger than the load. The value given in (5.2.23) [ie., | Rin(0, @,)| = 3R,] is
commonly used in practice.

When the input port is made to oscillate, the terminating port also
oscillates. The fact that both ports are oscillating can be proved as follows.
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The input port is oscillating when

'L =1 (5.3.1)
and from (3.2.5) and (5.3.1),
<1 1 i Szz rT
I, = =
I'in 841 — ATy
or
1 - SUFL
'i=———= 532
=S, AT, (53.2)
Also, from (3.2.6),
&L_ﬂi (5.3.3)

I’ =
ouT 1 — Sllr[,
and from (5.3.2) and (5.3.3) it follows that
FourI'r =1
which shows that the terminating port is also oscillating.

A design procedure for a two-port oscillator is as follows:

1. Use a potentially unstable transistor at the frequency of oscillation w, .

2. Design the terminating network to make |I'in| > 1. Series or shunt feed-
back can be used to increase | T inl-

3. Design the load network to resonate Zn- That is, let

X(w,) = —-X inw,) (5.3.4)
and
R, = '_Rﬂg’_“’gﬂ (5.3.5)

This design procedure is popular due to its high rate of success. How-
ever, the frequency of oscillation will shift somewhat from its designed value at
w,. This occurs because the oscillation power increases until the negative
resistance is equal to the load resistance and X in Varies as a function of V (ie.,
as a function of the oscillation power). Also, there is no assurance that the
oscillator is providing optimum power.

Example 5.3.1

Design an 8-GHz GaAs FET oscillator using the reverse-channel configuration shown

in Fig. 5.5.4. The S parameters of the transistor, in the reverse-channel configuration, at
8 GHz are

S;; = 098[163°
S, = 0.675| —161°
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S,, =039 —54°
822 = 0.465' 1200

(This example is based on a design from Refs. [5.2] and [5.3].)

201

Solution. The transistor is potentially unstable at 8 GHz (i.e, K = 0.529) and the
stability circle at the gate-to-drain port is shown in Fig. 5.3.2. In the notation of Fig.

5.3.1, the gate-to-drain port is the terminating port.
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As shown in Fig. 5.3.2, any I';. in the shaded region produces |I'y| > 1 (ie, a
negative resistance at the input port). Selecting I'y at point 4 in Fig. 53.2 (ie., 'y =
1[—163°), the associated impedance is Z, = —j7.5 Q. This reactance can be im-
plemented by an open-circuited 50-Q line of length 0.2264. With Z, connected, the
input reflection coefficient is found to be I'jy = 12.8| —16.6°, and the associated im-
pedance is Z;y = —58 — j2.6 Q. The load matching network is designed using (5.3.4)
and (5.3.5), thatis, Z, = 19 + j2.6 Q at f, = 8 GHz.

As reported in Refs. [5.2] and [5.3], the oscillator was constructed and oscillated
readily at frequencies between 7.5 and 7.8 GHz, with output power between 680 and
940 mW at V)5 = 9 V. Some tuning was necessary to move the oscillation frequency to
8 GHz.

Example 5.3.2

Design a 2.75-GHz oscillator using a BJT in a common-base configuration. The
transistor S parameters at 2.75 GHz are

Sy, = 09[150°

Sy, = 17| =80°
S,, = 0.07[120°
S,, = 1.08 [ —56°

(This example is based on a design from Ref. [5.4].)

Solution. The transistor is potentially unstable at 2.75 GHz (K = —0.64). The insta-
bility of the transistor can be increased using external feedback. For the common-base
configuration (and also for the common-gate configuration) a common lead inductance
from base to ground (as shown in Fig. 5.3.3) is commonly used.

Figure 53.3 BIJT with external feedback
to increase instability.

Varying L from 0.5 nH to 15 nH shows that the instability at the input and
output are optimized with L = 1.45 nH. With L = 1.45 nH, the resulting S parameters
for the network in Fig. 5.3.3 are

Syy = 1.72100°

S,, = 2.08—136°

S,, = 0.712|94°

S,, = 116 —102°
and K = —0.56.
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The common lead inductance has been used to raise |S,,| and |S,,| to large
values. Since | S,,| > |S,, |, it appears that the emitter-to-ground port is the best place
for the load network (i.e., the tuning network). Of course, these values are obtained with
50-Q terminations, and 50-Q terminations are not necessarily used for the matching
networks.

The terminating network can be designed to present an impedance to the col-
lector having a real part smaller than 50 Q, and to couple the oscillator to a 50-Q
termination. A design for the terminating network is illustrated in Fig. 5.3.4. With the
values shown in Fig. 534, I'y = 221[119° (Z;x = —24 +j24.2 Q). From (5.3.4) and
(5.3.5) the impedance of the load matching network should be Z;, = 8 — j24.2 Q.

P Z,=50Q
I =0.097\
e S )
éwmsnn §509
Z, =509
[ =0.139\

Figure 5.3.4 Terminating network design.

5.4 OSCILLATOR DESIGN USING LARGE-SIGNAL
MEASUREMENTS

In this section a two-step method based on large-signal measurements is devel-
oped for oscillator design [5.5]. Basically, the method consists in designing the
terminating network so that the two-port presents a large (ie., optimum)
negative resistance at the input port. The resulting one-port negative-
resistance network can be placed in a nonoscillating circuit and the optimum
load impedance as a function of power (i.e., large-signal measurements) can be
measured.

- The reflection coefficient I'yy for the network in Fig. 5.3.1 is given by
I, = Sy —Al'y
1 - S22 FT

which can be manipulated into the form
=S11_AS§2+ SIZSZI l-"I"_S§2
1—|522|2 1—|Szz|21“szzrr i
=I|n, + o7 (5.4.1)

I'in
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where |

Sll —.AS;Z

1 —18,,/?

o = S128;, 1—S%,
1—18,,P1-38,,

T, = (5.4.2)

(5.4.3)

and
' ZT — Z:Z
T Z,+2Z,,

Z,, is the impedance associated with S,s.

A simple graphical method can be developed to relate I'y to I'yy. The
transformation in (5.4.1) shows that the magnitude of I'r (ie., the I'; plane
normalized to Z,,) is multiplied by |«| and the phase of I'r is rotated by |a.
Since I'\y, is a constant in the I i Plane, its contribution is to shift the center
of I'r. A typical transformation is illustrated in Fig. 54.1. Any I'; in the
shaded area will cause oscillations.

(5.4.4)

Im (Tl A

‘l |—

I'} plane

{a) (b)

Figure 5.4.1 (a) I'; plane scaled by o, where 6 = arg (o) ; (b) typical mapping
from I'; plane to 'y according to (5.4.1).

From (5.4.1), |I'y| is a maximum when |[I'7l=1 and oI} is in the
direction of I'jy . That is,

I-‘IN,max = I-‘lN,o + '(X l alN.o (545)
where iy, is a unit vector in the direction of " INo- The value of I'iy .y IS
illustrated in Fig. 5.4.1b.

The value of I'; that maximizes I'yy, called T T.0»1S given by
_ 1 4+ (4, /d,)S%,
(812 /tn0) + S35
where 4, , is a unit vector in the direction of §,, S,,. The associated input and

(5.4.6)

T,o
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terminating impedances are

1 + F IN,max ¢
ZlN,max 1 _ I-wlN’max (5 7)
and
14Ty
YA 2 54.
To 1 — F'I'.o ( 8)

The value of I't, in (5.4.6) produces an optimum I'yy (i€, I'nma)- ID
other words, the two-port network has been reduced to an optimum negative-
resistance one-port by maximizing the small-signal input reflection coefficient
of the transistor. Thus far, only the small-signal S parameters of the transistor
were used since the optimized I'jy is the amplitude-independent small-signal
input reflection coefficient.

The one-port negative-resistance oscillator can now be characterized by
measuring the input impedance as a function of input power at the frequency
w, . This is a large-signal characterization of the one-port which is also called a
device-line characterization.

It is a good idea to place Iy . Within the range shown in Fig. 5.4.2. In
this range the associated | Ry ma, | 15 less than 50 Q and Xy ., 1S small. The
reason for this selection is that in the design procedure that follows we need to
take some measurements at the input port with a 50-Q source impedance.
Also, the larger the ratio | Rix max |/ X in.max » the larger the Q.

7i0.5 \70.8
/

/

\
‘05 /08

Figure 54.2 Best range for I'jy max-
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The method described establishes the terminating impedance that re-
duces the two-port to an optimum negative-resistance one-port. The one-port
can now be characterized by large-signal measurements.

The large-signal characterization is achieved by measuring, in the circuit
shown in Fig. 5.4.3, the current I, and the impedance Z(I D> @,), as V, is
varied. The measurements are made at the desired frequency of oscillation ,,
and the source resistance is typically 50 Q. With | Rin max | S€lected in the range
shown in Fig. 5.4.2, the circuit in Fig. 5.4.3 is stable.

+

Vg sin wt C'\D —>

X (I, wg)

O
—

Ciw

ZSN (ID’ wo)

Figure 5.4.3 Large-signal measuring circuit.

In the circuit shown in Fig. 5.4.3, the current I, is given by

V.
I, = T 549
= R+ Rlp) + /Xl y. ) (5:4.9)

‘and the power delivered by the negative resistance Ri(Ip)is
Ppw,) = 3|1, [? | Rin(Ip) |

The measurement of P, versus Zp(Ip, w,) generates the large-signal
characteristics of the one-port network. If the one-port is now terminated in
the load impedance (see Fig. 5.2.1),

ZL(O)O) = - ZIN(ID ’ wo)

the power delivered to Z, is given by P (w,) = Pp(w,).

Obviously, the measurement of I, at microwave frequencies is difficult.
Therefore, in practice the reflection coefficient I N as a function of the avail-
able power from the source is measured. The available power from the source
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is given by
Ve
Pavs=2x

The power added P,pp (i.e., the reflected minus the available input
power) is given by
Prpp = Pavsl(l rm|2 - 1)
and can be expressed in the form
p VIR
AP T 2R + R)? + XK]
Substituting (5.4.9) into (5.4.10) gives

(5.4.10)

| Lpl?
Papp =3 | Rin|

which shows that the added power is the power that the one-port will deliver
to the load Z,;(w,) = —Z;\(Ip, ®,)-

The large-signal characterizations of the one-port are generated by mea-
suring I';y and P,ys, and calculating P,pp versus Zy as a function of I, at the
desired frequency of oscillation w, .

There are several ways of implementing the load impedance Z,(w,) and,
of course, not all of them will give us a stable oscillation. For a stable oscil-
lation we have to check that Z,(w,) satisfies the condition given in (5.2.5). This
can be achieved easily since the amplitude dependence of Ryn(Ip) can be ob-
tained from the measured data, and the required impedance variation (ie.,
dX;/dw Z 0) can be determined.

In conclusion, the design procedure uses the small-signal S parameters to
establish the terminating impedance that results in an optimum negative-
resistance one-port network. Then the one-port oscillator performance is de-
scribed by the measured large-signal characteristics.

Example 5.4.1
Design an oscillator using a GaAs FET whose S parameters at 10 GHz are
S,; =09]180°
Sy, =079 —98°
Sy, = 0.89 —163°
S,, =0.2]180°
(This example is based on a design from Ref. [5.5].)

Solution. For this transistor K = 0.51, showing that the device is potentially unstable.
Iy, and I'y ... and the associated Zr, and Zy ,,, can be determined from (5.4.2) to
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(5.4.8), namely
I'no =089 —=171°

x =0.76] 99°
Iy, =1[114°
Zy, =j0.66

rlN'max = 165[ - 1710
ZIN.max = ‘“0.247 —j0.074

The complete mapping of the I'; plane into the I'jy plane is illustrated in Fig. 5.4.4.
Observe the locations of I'y, and I'iy -

Figure 544 Mapping of I', plane into the I'n plane. (From W. Wagner [5.5];
reproduced with permission of Microwave Journal)

With the termination Z;, = j0.66, the transistor large-signal characteristics are
now measured. The results from the large-signal measurements are given in Fig. 54.5. It
is observed that the maximum power added is 45 mW when Z L=4—-j75Q.

5.5 OSCILLATOR CONFIGURATIONS

At the low end of the microwave frequency range, lumped-element oscillators
are commonly used. Three basic oscillator configurations used are the Col-
pitts, Hartley, and Clapp oscillators. They are shown in Fig. 5.5.1 in a
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Figure 54.5 Large-signal characteristic at 10 GHz with Z, 6 = j0.66. (From W.
Wagner [5.5]; reproduced with permission of Microwave Journal.)

common-base transistor configuration. The Colpitts network uses a capacitor
voltage divider in the tuned circuit to provide the correct feedback. The Hart-
ley network uses a tapped inductor tuned circuit, and the Clapp network is
similar to the Colpitts network but with an extra capacitor in series with the
inductor to improve the frequency stability.

The high-Q tapped inductor required in the Hartley’s oscillator is diffi-
cult to build. Therefore, the Colpitts and Clapp oscillators are usually pre-

ferred.
ot | i
A1 1
e L2 _
—\ M. ’ — ——\ ,——-—-4_/(:
74—- 3
CQ;)._/ E L — C ==
EL

[ = W e

(a) (b) (c)

Figure 55.1 Three types of common-base transistor configurations: (a) Colpitts;
(b) Hartley; (c) Clapp.
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At higher microwave frequencies (i.e., in the gigahertz range), the para-
sitic capacitances of the packaged transistors provide some or all the feedback
needed for oscillation. In this range the negative-resistance design procedure is
used, since the S parameters provide all the needed design information. The
negative-resistance design procedure basically consists of selecting a transistor
in an oscillator topology that provides the required output power. The transis-
tor in the configuration selected must be potentially unstable at the desired
frequency of oscillation. Feedback can be added to increase the negative resist-
ance associated with I'yy or I'oyr. The terminating and load matching net-
works must be designed to provide the proper resonance conditions.

For a BJT negative-resistance oscillator the most effective network to-
pology is the common-base configuration. This configuration, illustrated in
Fig. 5.5.2, is used in low-power oscillator circuits, and it is easy to tune. The
inductor feedback element is used to increase |I'y| and [Tourl- Common-
emitter and common-collector configurations have also been used in micro-
wave oscillators.

Load Terminating
network L network

l Figure 5.5.2 Common-base configur-
= ation.

The two common network configurations for GaAs FETs oscillators are
shown in Fig. 5.5.3. The common-gate configuration is used in low-power
oscillator circuits since it is easy to tune. A series inductive feedback is usually
required to improve |I'y| and |I'oyr|. The common-source configuration is
used for higher oscillator output power and the feedback network is usually a
capacitor. The common-drain configuration is not popular because the oscil-
lator implementation is difficult.

A GaAs FET oscillator can also be built using the reverse-channel con-
figuration shown in Fig. 5.54. A reverse-channel configuration uses a sym-
metrical GaAs FET with a negative voltage applied to the drain terminal. The
transistor becomes a noninverting device, making the common lead induc-
tance regenerative. The S parameters in this reverse-channel configuration
show that |S,,| increases markedly with frequency and |S,, | is greater than
unity in a large frequency range.

Vendelin [5.6] shows some configurations, and discusses some design
procedures, for low-noise oscillators and buffered oscillators.

The load tuning elements are not limited to lossless or RLC networks.
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Figure 5.5.4 Reverse-channel GaAs
-0 - -0 - FET.

Load tuning networks can be designed using YIG (yttrium iron garnet) reso-
nators, varactor diodes, and so on.

A YIG resonator consists of a ferrimagnetic material which can be mod-
eled by a parallel RLC resonant circuit. The value of the elements depend on
the magnetization, coupling, and resonance linewidth of the YIG sphere, and
on the applied dc magnetic field. The uniform dc magnetic field is applied with
an electromagnet with a single gap. The gap design is important since a
nonuniform dc magnetic field results in a tuning hysteresis and spurious re-
sponses. A common-gate GaAs FET oscillator using a YIG resonator is
shown in Fig. 5.5.5.

G YIG ) Terminating 50 O

network

MWW

1

Figure 55.5 YIG-tuned oscillator.

The YIG sphere is strongly coupled to the transmission line that con-
nects to the active device. Assuming that the YIG sphere is always magneti-
cally saturated and that the sphere diameter is <« A/4, the YIG device can be
modeled by a parallel resonant circuit, as shown in Fig. 5.5.6. The element
values are given by [5.7]

d2
= ——— 4 G
Go uo Vwm QU * t
_ K Vo,
Lo = w,d?
1
Co= w?lL,
where
w,, = y87*M,
H,— 4nM /3
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Co
G J, % Terminating
° T é Lo L network 500

Figure 5.5.6 Equivalent network of a YIG sphere in a YIG-tuned oscillator.

Here 4nM; is the saturation magnetization of the sphere, u, = 4n(1077) henrys
per meter, V' is the volume of the sphere, d the coupling loop diameter, y the
gyromagnetic ratio (2.8 MHz/Oe), H, the applied dc magnetic field, Qy the
unloaded Q, AH the resonance line width (approximately 0.2 Oe), and w, the
center frequency of resonance. The frequency w, can be expressed as

w, = 2nyH,

A varactor-tuned oscillator uses the voltage-controlled capacitance of a
varactor diode to accomplish the electronic tuning. A basic schematic of a
varactor-tuned oscillator is shown in Fig. 5.5.7.

C
| ° L Terminating 500
B ° L network

Figure 5.5.7 Varactor-tuned oscillator.

I

.3

Varactor diodes of different types having a wide range of capacitances
are available. In the varactor circuit model shown in Fig. 5.5.8, the varactor
diode capacitance (C,), for Schottky-type devices, is given by the formula

=TT vien

where C, is the value of capacitance at zero voltage, V the reverse bias
voltage, and ¢ the junction contact potential (¢ = 0.7 V). The resistance R,
represents the series resistance of the diode, and the reverse diode resistance R,
is large and therefore can be neglected.
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5.1.

5.2.

5.3.
54.

5.5.

5.6.
5.7.
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RI’
+J' r"‘-"\MN——-}
v T
._T 11 AN~
C, R,
Figure 558 (a) Varactor diode circuit
{a) (b) symbol; (b) model.
PROBLEMS

Design a 2-GHz oscillator using a BJT with external feedback as shown in Fig.
5.3.3. The S parameters of the network at 2 GHz are as follows:

L=0H L =05nH

S,  094[174° 1.04[173°
'S, 190[ =28  200[—30°
S,, 001398  0.043[153°
S,,  101|=17° 105 —1¢°

(This problem is based on a design from Ref. [5.6].)

In Problem 5.1 implement the input tuning network using a YIG sphere. Specify
the characteristics of the YIG sphere.

Design the input tuning network for the oscillator in Example 5.3.1.

Design a 10-GHz oscillator using a common-gate GaAs FET. The S parameters of
the transistor at 10 GHz, Vg =6V, I,¢ = 150 mA, are

S,, = 0.85]—36°
S,, = 0.53]96°

S,, =022] =36
S,, = 1.125[171°

Show the dc bias network.

Implement the input tuning network of Example 5.3.2 using a varactor diode.
Specify the diode characteristics.

Verify the relations (5.4.1) to (5.4.6).

Design an 8-GHz GaAs FET oscillator using the large-signal method discussed in
Section 5.4. The S parameters of the transistor at 8 GHz are

S,, = 0.8[140°
Sy, =02]=70°
S,, = 0.8140°
S,, = 09]170°

The large-signal characteristics with the termination Z, , are shown in Fig. P5.5.
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Figure P5.5

5.8. (a) Johnson [5.8] shows that the output power of an oscillator can be approxi-

5.9.

(b)

mated with the equation
PDUT = Psal(l - e-GOPlN/Pm)
where P, is the saturated output power of the amplifier, Py is the input

power, and G, is the small-signal power gain. Show that the maximum oscil-
lator power [P, (max)] is given by

1 In G
P =P (1—-—— 2
0s¢C (max) sat ( Go GD >

and the maximum efficient gain, defined by
_Pour— Py,
Gyg = —=
ME P
is given by
G,— 1
nG,

Gue(mex. oscillator power) =

Hint: The maximum oscillator power occurs at the point of maximum
POUT - P[N’ OI' Where

aPOUT =1
0Py

A GaAs FET has G, = 7.5 dB with P_, = 1 W. Calculate the maximum oscil-
lator power and the corresponding maximum gain.

(¢) Draw typical P, /P,,, versus G,, and Gy e (maximum oscillator power) versus

G, plots. -

The conductance of a two-termir al negative-resistance device used in a YIG-tuned
oscillator has a dependence on RF voltage amplitude A4 given by
—G=(15-24)x 107>S, where A < 75 V. Assuming an equivalent circuit of the
forrn shown in Fig. P5.9 plot the power variation of the oscillator when the dc
magnetic field is increased from 3000 to 4500 Oe. Use ¥ = 0.75 x 10~%m?, d = 2
mm, 4zM; = 1750 G, G, = 10 m§, I = 10 mm, Z, = 200 Q, and AH = 0.5 Oe.
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Go Co Lo Zo —G(v)
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I*—l —", Figure P5.9
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APPENDIX A —

COMPUTER-AIDED
DESIGN: COMPACT AND
SUPER-COMPACT"

The use of computer analysis and optimization programs is of great impor-
tance in the design of microwave transistor amplifiers. In some designs,
straightforward calculations are a tedious process, and a CAD program is a
must. In fact, CAD methods are extremely valuable when used in conjunction
with good engineering principles.

In this appendix, some of the capabilities of the programs COMPACT
and SUPER-COMPACT [A.1] are described first, followed by an example.
Although the program COMPACT is now considered to be an “old” pro-
gram, the example is worked using both COMPACT and SUPER-
COMPACT. These large-scale CAD programs are very powerful, providing a
wide range of capabilities.

Among the features of COMPACT are: circuit analysis, stability analy-
sis, sensitivity analysis, optimization (up to 15 variables), a Monte Carlo analy-
sis that permits the designer to evaluate component tolerances, and so on.
SUPER-COMPACT, introduced in 1980, provides all the features of COM-
PACT, plus a host of new capabilities. Some of the new capabilities of
SUPER-COMPACT are an efficient circuit interconnection feature, total file
flexibility, interactive graphics, better optimization, new circuit elements, and
so on. The interactive graphics plots polar or rectangular charts of S parame-
ters, constant-noise circles, constant-gain and stability circles, and so on. The
reader should refer to Ref. [A.1] for the full range of capabilities of these
programs.

The following example illustrates the use of the large-scale CAD pro-
grams COMPACT and SUPER-COMPACT in the analysis, design, and opti-
mization of a microwave transistor amplifier.

 *COMPACT and SUPER-COMPACT are trademarks of Compact Software, Inc. [A.1].
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>
ENTER GAIN IN DBS -- START,STOP,STEP
>% 10 2

RAR%RE OPERATING POWER GAIN CIRCLES #evess

9.0000000 DB GAIN CIRCLE . RADIUS-= .43090543
CENTER.MAG = .50827681 CENTER.ANG = 103.93965

ENTER 1 FOR OPERATING GAIN CIRCLES.

2 FOR AVAILABLE GAIN CIRCLES.
3 FOR EXIT

>3
MENU SELECTION

> 17
ENTER 1 FOR INPUT REFLECTION COEFFICIENT
2 FOR OUTPUT REFLECTION COEFFICIENT
3 TO EXIT
> 1

ENTER GAMMA TERMINATION (MAG, ANG)
> .36 47.5%

¥EX¥®S THE INPUT REFLECTION COEFFICIENT ##%sus
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ABCD parameters, 24, 24-25
matrix, 1-3

Active bias:
BJT, 130
GaAs FET, 133

Added power, 207

Admittance coordinates Smith chart (see Smith

chart)
Admittance parameters, 2-4, 24-26
matrix, 2
AM to PM conversion, 181
Amplifier:
balanced, 159-60
bandwidth, 170-74
broadband, 154-69
feedback, 102, 155, 160-66
high-power, 174-87
low-noise, 140-54
stability (see Stability)
tuning, 169-70
two-stage, 187-88
AMPSYN, 156, 193
Attenuation constant, 5
Available noise power, 141
Available power, 15-18, 21, 85-86, 92, 206-7
Available power gain (see also Power gain):
circles (see Constant-gain circles)
maximum, 32
Average power, 14

Balanced amplifier, 15960
Balanced shunt stubs, 75-76, 78-79

Bandwidth:
analysis, 170-74
inherent, 171-72
reduction factor, 174
Beta cutoff frequency, 28-29, 33
Bias circuit (see dc bias)
BJT:
bias (see dc bias)
characteristics, 31-34, 139
figure of merit, 32
junction temperature, 181
model, 31-32
Boltzman constant, 140
Broadband design, 15469

CAD, 155, 166, 21740
Capacitor:
bypass, 130
chip, 75
coupling, 75
Cascade, 3-4, 11
Chain parameters, 2
matrix, 2-3 .
Chain scattering parameters, 11
matrix, 8, 11-12
Characteristic impedance:
complex, 5
microstrip, 68-69
real, 13
transmission line, 5, 7, 13
Chip, 23, 27-28
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Class:
A operation, 130, 133, 139
AB operation, 130, 133
B operation, 130, 133
COMPACT, 217-22
Compensated matching networks, 155, 158
Complex propagation constant, 5
Compressed Smith chart (see Smith chart)
Compression point (see Gain compression
point)
Computer-aided design (see CAD)
Conduction loss, 72
Conjugate match:
maximum gain, 112-14
simultaneous (see Simultaneous conjugate
match)
Constant-conductance circles, 46
Constant-gain circles:
available power gain, 123
potentially unstable, 123-25
unconditionally stable, 123
operating power gain, 119-25
potentially unstable, 123-25
unconditionally stable, 119-23
transducer power gain, 102-10, 114-19
bilateral case, 114-19
potentially unstable, 118-19
unconditionally stable, 114-15
unilateral case, 102-10
potentially unstable, 106-10
unconditionally stable, 103—6
Constant-reactance circles, 44, 46
Constant-resistance circles, 44, 46
Constant-susceptanoc circles, 46
Contact potential, 213
resistance, 27
Conversions, 23-26
Coupler, 159

dc bias:
BJT, 125-30
GaAs FET, 131-33
networks, 128-33
operating point, 130-31, 133
stability, 126-27
Device-line characterization, 205
Dielectric constant:
effective, 68
relative, 67
Dielectric loss, 72
Dielectric substrate, 67
Dispersion, 71-72
Distortion, 177, 180
Dynamic range, 175, 180
free spurious, 179-80

Electrical length, 5, 13
Electron transit time, 35
saturation drift velocity, 35

. : . Index
Ell matching sections, 55-56
Error function, 219-20, 225
Fano, 167
Feedback:
negative (see Negative feedback)
series, 161
shunt, 161
Figure of merit, 32, 114
Flow graph (see Signal flow graphs)
GaAs FET:
bias (see dc bias)
characteristics, 34-36, 139
Jjunction temperature, 181
model, 34-36
Gain-bandwidth, 32
Gain circles (see Constant-gain circles)
Gain compression point, 175
Gate length, 35
Gyromagnetic ratio, 213
h parameters (see Hybrid parameters)
heg, 32, 126-27
Hybrid combiner/divider, 181-82
Hybrid parameters, 2, 4,24-25
matrix, 2
Hybrid-n model, 31
legos 126-27
IGFET, 34 ,
Impedance coordinates Smith chart (see Smith
chart)

Impedance matching networks (see Matching)
Impedance parameters, 14, 24-25
matrix, 2
Incident:
power, 14
voltage, 14
wave, 5, 9-10, 14, 20
Incoming wave, S
Indefinite scattering matrix, 29
Input reflection coefficient (see Reflection
coefficient)
Input stability circle, 96
Insulated-gate field-effect transistor (see
IGFET)
Interdigitated, 159
Intermodulation distortion:
products, 178-79
third-order, 178
Interstage design, 155-56, 187

JFET, 34
Junction field-effect transistor (see JFET)

Lange coupler, 159-60
Large signal:
characterization, 174-75
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measurements, 176-78, 203-8
scattering parameters, 174-78
Low-noise amplifier (see Amplifier)

Mason’s rule, 83-86
Matched line, 8
impedance, 16
load, 85-86
termination, 10, 21
Matching:
network, 55-56
network design, 55-67, 74-80, 116-19,
14749, 157-59, 185-86, 203
Maximum available gain (see Power gain)
Maximum available noise power, 140
Maximum frequency of oscillation (fp.s), 32-35
Maximum power gain (see Power gain)
Maximum stable gain, 114
MESFET, 34
Metal oxide semiconductor field-effect
transistor (see MOSFET)
Metal semiconductor field-effect transistor (see
MESFET)
Microstrip:
attenuation, 72-73
capacitance, 68
characteristic impedance, 6869
definition, 67
dispersion, 71-72
effective dielectric, 68
effective width, 71
field configuration, 67
geometry, 67
losses, 72-73
matching network design, 74-80, 116-19 (see
also Matching)
phase velocity, 68
quality factor, 73-74
radiation factor, 74
wavelength, 68-70
Microwave amplifier:
block diagram, 55
schematic, 78-80
signal flow graph, 83
Microwave transistor:
BJT, 31-33
characteristics, 31-36
GaAs FET, 34-36
Minimum noise figure (see Noise)
MOSFET, 34

Negative feedback, 102, 155, 160-66
Negative resistance, 48-49
Negative resistance oscillators (see Oscillators)
Nepers, 5
Noise:
bandwidth, 140
extrinsic, 36
figure, 14144, 151-54
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figure circles, 14247
figure parameters, 143
intervalley, 36
intrinsic, 36
Johnson, 140
measurement, 143
minimum, 141-54
parameters, 143, 145, 148, 152
power, 140, 175
resistance, 142
resistor, 140
shot, 34
temperature, 140
thermal, 140, 175
two-stage amplifier, 141-42
voltage, 140
white, 140

Normalizing impedance, 15-22
admittance, 46
resistance, 15, 22

n-port network, 19-22

n-way amplifier, 182-84

n-way hybrid combiner/divider, 182-84

Open-circuited line, 8
shunt stub, 75, 78, 116-19, 148, 185
Operating point (see dc bias)
Operating power gain (see Power gain)
circles (see Constant-gain circles)
Optimization, 217-28
Optimum:
noise figure, 142
terminations, 103, 105
Oscillation conditions, 195-96
Oscillators:
BJT, 210, 213
Clapps, 209
Colpitts, 209
configurations, 208-14
design procedure, 200
GaAs FET, 210-13
Hartley, 209
large-signal measurements, 203-9
maximum power, 197-98
negative resistance, 194-208, 210
one-port, 194-99
reverse channel, 200, 210-12
terminating network, 199--203
two-port, 199-203
varactor tuned, 213-14
YIG tuned, 212-13
Outgoing wave, 5 '
Output reflection coefficient (see Reflection
coefficient)
Output stability circle, 96, 124-25

Packaged, 23, 27-28
Packaged capacitance, 27
inductance, 27 .
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Paralleling, 180-81
Parameters conversions, 23-26
Parasitics, 32
Phase velocity, 5, 7
Phasor, 4
Potentially unstable:
bilateral, 118-19, 123-25
unilateral, 106-10
Power amplifier, 174-86
Power combiners and dividers:
hybrid, 181-82
n-way, 182-84
Wilkinson, 181-83

Power delivered to the load, 16-17, 85-86, 92

Power gain:
available, 92, 123
maximum available, 32, 121, 141
maximum operating, 120-21
maximum stable, 114
maximum transducer, 114, 121
maximum unilateral transducer, 94, 106
operating, 92, 119-21
transducer, 17, 22, 32, 86, 114
unilateral transducer, 93-94, 102
Propagation constant, §

Q, 168-69, 171

Quarter-wave transformer, 8, 78, 147, 185
Quasi-TEM, 67-68, 71

Quiescent point, 130-33

Radiation factor, 74
Radio frequency choke (RFCQC), 129-30
Reference:
impedance (see Normalizing impedance)
plane, 12-13
resistance (see Normalizing resistance)
Reflected
power, 16-17, 21
voltage, 14
wave, 5-6, 9-10, 14, 20
Reflection coefficient :
definition, 5, 9
input, 10, 22, 84-85
load, 5, 9
noise, 142-44, 188
output, 10, 85
plane, 43
power, 176-77, 187
simultaneous conjugate match, 112-14
transmission line, 5-6, 8
two-stage design, 187-88
Resonance line width, 213
Reverse channel, 200, 210-12

Scattering matrix, 8, 10, 23
Scattering parameters:
conversions, 24-25

O . Index

definitions, 10, 16-18
generalized, 19-22
indefinite, 29
large-signal, 174-78
matrix, 8, 10, 23
measurement, 10-11
n-port, 20
properties, 1318
transistors, 23, 26-31
Scattering transfer parameters (see Chain
scattering parameters)
Schottky, 34, 213
Shifting reference planes, 12-13
Short-circuit current gain (see hgy)
Short-circuited line, 8
shunt stub, 75-78, 147-48
Shot noise, 34
Signal flow graphs:
applications, 84-87
branch, 80-81
generator, 8§1-82
input reflection coefficient, 84-85
load, 82-83
loops, 84
microwave amplifier, 83
output reflection coeflicient, 85
path, 83
theory, 80-87
two-port, 81
Simultaneous conjugate match, 112-14
Smith chart:
admittance or Y chart, 45-47
compressed, 48
design, 55-66
gain circles (see Constant-gain circles)
impedance calculation, 49-5]
impedance or Z chart, 45-47
negative resistance, 48-49
network characteristics, 53-54
normalized impedance and admittance or
ZY chart, 51-54, 55-66
theory, 43-51
Stability:
analysis, 95-100, 164-65
circles, 96-98, 101, 124-25, 201
conditions, 98-100
potentially unstable, 95-96, 99-100
unconditionally stable, 95-100
Stability factors, 127
Standard temperature, 140
Standing wave ratio (see VSWR)
Strip conductor, 67
Stub (see Short- or open-circuited line)
Substrate, 67
SUPER-COMPACT, 222-28

TEM mode, 67

Terminating matching network, 199-203
Thermal noise, 34

Thévenin, 16-17, 20




Third-order intercept point, 178-79
Three-port, 29, 31
Transconductance, 163
Transducer cutoff frequency, 28
Transducer power gain, 17, 22, 32, 86 (see also
Constant-gain circles)
Transfer or T parameters (see Chain scattering
parameters)
Transmission coefficient:
forward, 10, 17, 28
reverse, 10, 28
Transmission line, 4-8
input impedance, 67, 49-50
lossless, 7, 13-14
matched, 8
open-circuited, 8
quarter-wave, 8
short-circuited, 8
uniform, 5, 36
Traveling waves, 4-7, 9, 13
Tuning factor, 170
Two-port network:
cascade, 11
noise, 14042
parameters conversions, 22-25
representations, 1-4,9,13
Two-stage amplifier:
design, 187-88
high-gain, 187

Index
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high-power, 187
low-noise, 188

UM-MAAD, 23040
Unconditionally stable:
bilateral, 114-23
conditions, 98-100
unilateral, 1036
Unilateral figure of merit, 111-12
Unilateral transducer power gain (see Power
gain)
Unit diagonal matrix, 23
Unstable two-port (see Stability)

Varactor diode, 213-14

Voltage gain, 87

Voltage standing-wave ratio (see VSWR)
VSWR, 7-8, 50-51

Wavelength:

free space, 68

microstrip, 68
Wilkinson's coupler, 181-83

y parameters (see Admittance parameters)
YIG sphere, 212-13

z parameters (see Impedance parameters)



